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Abstract

This dissertation is focused on developing RF feedforward cancellation systems for wide-

band interference signals appearing at close proximity from the receiver. The system is

designed to target high interference risks in the Upper-700 MHz band (746-805 MHz)

following the congestion in the spectrum between public safety land mobile radios, LTE

broadband public safety and LTE commercial mobile. New low-profile planar band-stop

resonators are designed to obtain a wide-band and a high roll-off rejection (> 1dB per

MHz). Two new design methodologies of band-stop resonators are presented in this work.

The first approach incorporates the use of power splitters and large delay transmission

lines, and the second methodology uses finite cell artificial left-hand transmission lines.

The two structures are used in separating the receiver wanted signal from the interferer,

and this separation is required to generate a replica of the interferer, which later becomes

an input to the cancellation phase of the system. The system is tested using two gener-

ated LTE modulated signals, modeling the interference and the wanted signals, which are

20, 15 and 10 MHz apart. The test results have shown successful cancellation for 9 MHz

wide interference signals. The cancellation can be further improved over a wide band, by

increasing the linearity of the phase shifters used in the feedforward system. Therefore,

new RF MEMS switch based phase shifters are designed, implemented and measured.

Measurements of the new phase shifters have successfully reduced the RMS amplitude

deviation, which is calculated between all the phase states over a 100 MHz bandwidth,

by 66% when compared to the phase shifter used in the above interference cancellation

tests.
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Chapter 1

Introduction

The advanced developments in telecommunication standards are now enabling high data

rate communication employing larger bandwidths. These developments have become at-

tractive to many businesses and services, which are not only involved at commercial mo-

bile industry. With the increasing demand of high data rate communication, the frequency

spectrum is getting congested more and more with multiples of different operators. To en-

able larger bandwidths for each of these operators, the guard bands which are used to

separate their operating bandwidths, are getting smaller. Eventually, this results in mul-

tiples of interference scenarios, which are continuously getting worse and the quality of

communication is highly degraded. A famous example of a frequency congested spec-

trum is the 700 MHz band (Upper-700 MHz band), which is now shared between three

different operators: public safety land mobile radios; the new LTE broadband public safety

devices; and the commercial mobile LTE operator [1]. This band has been selected as a

use case in this thesis, however the review and the study performed in this work can be

applied on other congested spectrums.
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1.1 The Next Generation of Public Safety Networks

Public safety organizations have relied on Land Mobile Radios (LMR) for communica-

tion at emergency times. Land Mobile Radios use either Digital or Analog modulation

schemes which support long range voice communications [1]. These radios operate over

a very narrow bandwidth, typically less than 1 MHz, such as TETRA (Trans-European

Trunked Radio) and Project 25 in North America. The next generation of public safety net-

works requires high speed data communications in order to support advanced multimedia

applications for safety agencies. Despite the need of high rate data networks, broadband

data networks are not going to replace the Land Mobile Radios. In fact, the aim is to have

an interoperability between the narrowband radio network and the new broadband safety

network, so that the benefits of the two networks are combined. This decision was taken

after several incidents including the Hurricane Katrina when cell phone towers went down

for several days leaving the digital LMR radios as the only means of communication [1].

In 2007, the Federal Communications Commission (FCC) authorized a new spectrum

channelization plan for the Upper-700 MHz band [2]. It divided the frequencies from

698 MHz to 806 MHz into three sections: the new broadband network for only Public

Safety data and no other purposes; the narrow band Land Mobile Radio narrow band

channels; and the commercial LTE mobile network, as shown in Fig. 1.1. In 2012, the

US government formed FirstNet and committed USD 7 billion to the development of the

new Public Safety broadband network [3].

It is expected to have several potential interference issues between the different oper-

ators in such a highly congested spectrum where only a 1 MHz guard band is allocated as

shown in Fig. 1.1. Interference can occur either between the narrow band and the broad

band public safety networks, or between any of the two with the commercial LTE Mobile

network. The narrow band public safety networks can cause the most critical interfer-

ence scenarios, since they are transmitting and receiving simultaneously using 50 Watt

12
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Figure 1.1: The spectrum allocation of the Broadband and the narrow band Public Safety
with the commercial Mobile signals in the Upper-700 MHz band.

devices. This thesis is focused on finding solutions to manage the interference between

the different public safety operators and the commercial mobile base station transceivers

operating in the Upper-700 MHz band.

1.2 Motivation

The high risks of interference in congested frequency spectrums raise the potential of

a serious threat to public safety and commercial mobile operators. The potential inter-

ference levels in these bands not only degrade the quality of communications, but also

increase the chance of dropped calls for mobile users and emergency services. The LTE

telecommunication standards impose strict performance requirements for interference

limits to avoid degrading the throughput of the receiver by more than 5%. The throughput

is defined as the number of payload bits successfully received per second for a reference

measurement channel in a specified reference condition. Some handset manufactur-

ers apply the maximum power reduction technique to mitigate interference levels, and

achieve the necessary adjacent channel leakage ratio (ACLR) levels. However, reducing

the transmitting power can severely worsen the network coverage, thus raising the need

for extra nodes or base stations. Another way to meet the minimum ACLR requirements

for LTE transceivers is to provide an additional stop band rejection of 23- 29 dB for their
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front end duplexers, but this significantly raises the costs and complexity of the duplexer.

Small cell base station transceivers (e.g. metro-cell, picocell, ...etc) are more prone

to interference risks, since their RF front end duplexers are constructed using ceramic

based resonators. Ceramic duplexers provide less stop band rejection when compared

to microwave air cavity duplexers which are used in large base stations. Air cavity du-

plexers offer much higher stop band rejection, however their structures are heavy, bulky

in size, very expensive to fabricate and maintain, and very difficult to tune their frequency

response. Knowing that the main interest for small cells is to mitigate the trade-off be-

tween cost, size and meeting the high performance requirements, the idea of replacing

ceramic based filters with microwave air cavities is not acceptable, and finding an alter-

native approach that can assist ceramic duplexers in rejecting large interference signals

becomes necessary.

1.3 Research Objectives

The objective of the research conducted in this thesis is to develop an RF interference

cancellation system that can improve the stop band rejection characteristics of the front

end duplexers in LTE base station transceivers, so that they can meet the minimum re-

quirements for power levels defined in the 3GPP standards [4, 5]. This improvement

involves increasing the attenuation of the receiver front end by 23-29 dB at the frequency

locations of the interference signals. Since spectrum congestion encourages the ap-

pearance of interference signals at small frequency offsets, new sharp rejection filtering

solutions are required with a narrow transition band between the pass and the stop band

(a high roll-off rate).

Having the Upper-700 MHz band congestion selected as a use case for this thesis,

the system should be designed to operate around 700 MHz, and should be tested us-

ing LTE modulated signals with a minimum bandwidth of 9-10 MHz, as defined in the
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specified spectrum. The system should also keep minimum distortion levels in the band

of the wanted receiver signal. At the end, this research should present a less complex

solution using low profile RF components, that does not require large space nor high

implementation costs.

1.4 The Structure of the Thesis

• Chapter II starts with a short description on the structure and performance of mi-

crowave cavity and ceramic based duplexers describing their limitations in handling

high power interference in the 700 MHz band. Followed by a review on the existing

solutions or approaches for managing interference signals generated from either

unwanted emissions in the transmit chain, or a leakage from the transmit chain to

the receiver, or neighboring channels operating at frequencies close to the receiver

band. The chapter also includes a review on different microwave filter structures

that can be used to separate close interference signals.

• Chapter III proposes a new RF feedforward interference cancellation system for as-

sisting ceramic duplexers in rejecting high power interference signals. The chapter

starts by explaining the system operation, and listing the performance criteria, de-

sign challenges on the RF hardware, and the additional requirements necessary to

obtain some degree of reconfigurability in pursuance of handling the dynamic nature

of interference signals. The chapter also discusses the practical implementation of

the system by selecting some of the off-the-shelf RF components, and encourag-

ing the development of new designs for handling very close interferers including

bandstop resonators and controlled phase shifters .

• Chapter IV presents the development of a new structure of passive band-stop res-

onators named as “Multi-Tap Delay Resonator”. It offers very high selectivity with a
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3 dB bandwidth of only 11 MHz, in addition to a sharp rejection roll-off rate of more

than 1 dB per MHz. The new resonator is thus able to separate interference signals

located at 20, 15 and 10 MHz frequency separation from the edge of the receiver

signal. The chapter also demonstrates the RF feedforward interference cancella-

tion system after placing the Multi-Tap Delay resonator in the auxiliary path of the

feedforward loop, and successful cancellation of interferers is achieved.

• Chapter V studies the use of artificial left handed transmission lines in replacing

the large delay transmission lines used in the design of the Multi-Tap Delay band-

stop resonator. It presents the development of a new design named as composite

right-left handed (CRLH) band stop resonators, which proved to keep the same

cancellation performance while reducing the size of the circuit by more than 87 %.

Furthermore, the in-band losses due to the cancellation system are reduced by

more than 1.9 dB.

• Chapter VI presents the development of new RF MEMS switched phase shifter cir-

cuits, which are designed to obtain high phase linearity over a 100 MHz bandwidth,

so that they can be used to improve the signal matching in the feedforward loop

system, after replacing the off-the-shelf phase shifter used earlier in the system

setup. The chapter includes a study of different microwave structures, and circuit

topologies used to integrate the MEMS device and build the phase lines.
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Chapter 2

Review of Existing Solutions for RF

Interference in LTE BS Transceivers

2.1 Introduction

In general, this chapter provides a background on the existing solutions for interference

management in RF transceivers. These solutions include front-end system architectures

as well as microwave filtering structures. The solutions are judged based on their ability

to handle high power interference signals appearing at small frequency offsets from the

receiver, which describes some of the interference challenges in congested frequency

spectrums. In addition, the complexity, size and cost of either the system architectures or

filter structures are discussed.

At the beginning of this chapter, a general overview is presented discussing the evo-

lution of LTE mobile communication standards. Section 2.3 presents the standards de-

fined for LTE mobile transceivers as well as the new broadband public safety devices.

This includes the power requirements for LTE base station transceivers; receiver sen-

sitivity; receiver dynamic range; adjacent channel selectivity; and the receiver blocking

requirements. All these requirements are then discussed to identify the levels of poten-
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Figure 2.1: Growth of mobile subscribers over the past 10 years.

tial interference between LTE mobile and broadband public safety networks in the 700

MHz spectrum. Section 2.4 studies the performance of high Q duplexers employed in

small and large base station transceivers, while listing their limitations in handling the

public safety interference issues. Section 2.5 conducts a review on existing interference

management solutions which are grouped into three according to the source of the in-

terference signals: unwanted emission in the transmit chain; transmit power leakage into

the receiver; and neighboring channels. At the end of this section, a discussion is per-

formed on the limitations of the studied solutions. Section 2.6 conducts a review on high

performance RF filters that can assist in separating close interference signals.

2.2 Evolution of LTE Standards

Analog telecommunications standards were first introduced in the 1980s, and the first

generation (1G) mobile standard (e.g. advanced mobile phone systems (AMPS)) was

later developed [6]. The 1G standard was defined for voice communication only and data

service was still not available. Soon after, the second generation (2G) mobile phone sys-

tems emerged with two different standards; the European GSM and American CDMA. 2G
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mobile networks were originally designed for carrying voice traffic only. However data ca-

pabilities were added at a later stage starting with the SMS service which was introduced

to mobile users for the first time. However, the traffic volume was still dominated by voice

only. Some 2G systems have implemented the packet-switched domain in addition to the

circuit-switched domain, where a complete circuit is switched for a given user. The gen-

eral packet radio services (GPRS) systems have evolved into the 2.5 G. At a later stage,

the use of 2G phones became more widespread and people began to use mobile phones

in their daily lives. Moreover, the demand for data such as internet access, streaming

services and file sharing started growing which pushed industry to work on developing a

more efficient mobile network.

In 2001, the third generation (3G) network was launched with higher data transfer

speeds and capacity compared to 2G. Consequently, the better data transfer features in

3G had further expanded the number of mobile subscribers and the traffic volume be-

came highly dominated by data transfer instead of only voice. The growth rate of data

usage in 3G networks was fueled by the streaming media and mobile phone applications

like video sharing, TV mobile and interactive gaming. A typical voice subscriber uses

300 minutes per month with a voice data rate of 12.2 kbps, which requires approximately

30 megabyte of data. A data user can easily consume more than 1 gigabyte of data

during the same period. In general, mobile data usage requires 10 to 100 times more

megabytes of data, when compared to voice usage [6]. Over the past 10 years, mobile

subscribers have been rapidly increasing with a daily average growth rate of more than

1 million, as mobile phones have become the most preferred method in voice as well as

data communication. The variation of mobile subscribers over the past 10 years can be

seen in Fig. 2.1 together with the mobile network coverage compared to the world’s pop-

ulation [6]. There is a continuous growing of the number of people connected to internet.

Therefore, industry began looking for the 4th generation technologies with more data op-

timization techniques and speed improvements, since it became clear that 3G would be
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Figure 2.2: Evolution of peak data rate among different mobile networks.

overwhelmed by data transfer. The first two commercially available technologies, which

were listed as 4G, were the WiMAX, and the LTE standard. WIMAX was offered in the

U.S. by Sprint, while LTE was first offered in Scandinavia by Telia Sonera [8].

The first step in the process of developing mobile networks is system standardization,

where the objectives and targets of the new network are defined. Usually, it takes more

than 5 years for every new mobile generation to emerge, starting from setting the system

standards, realization of these standards, and validation till commercial deployment be-

comes applicable. Data rates for GSM (EDGE) and WCDMA were defined in 1997 and

1999, respectively [7]. However, both systems had their first commercial deployments in

2002. The same for HSPA evolution, whose system standards were completed in 2007

and the deployments started only after 2009 [6]. The performance targets of LTE were

defined relative to HSPA (High Speed Packet Access) in 3GPP standard release no. 6

[10], since HSPA is known for having the highest data transfer rates possible among all

the current operating systems.

LTE standards are designed such that the peak data can be pushed further. Fig.

2.2 illustrates how data rates increased from one mobile network to another. The first

target of LTE is to achieve a minimum peak user throughput of 100 Mbps in downlink

and 50 Mbps in uplink, which is ten times more than HSPA. The second target is the
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Max rated output power Min coupling loss Max. received power
Wide Area BS N/A 70 dB -

Medium Range BS < 38 dBm 53 dB -15 dBm
Local Area BS < 24 dBm 45 dB -21 dBm

Home BS < 20 dBm N/A -

Table 2.1: The minimum coupling losses from BSs to UE, and the maximum rated output
power for BSs operating in single carrier or multi-carrier configurations.

power consumption, which needs to be minimized in order to enable more usage of the

multimedia applications without the need of recharging the battery over short periods of

time. LTE is characterized by the flexibility of spectrum as the transmission bandwidth

can vary between 1.4, 3, 5, 10, 15 and 20 MHz.

2.3 LTE Standards for Mobile BSs

This section presents the power requirements for LTE mobile base station transmitters

and receivers according to LTE standards for broadband public safety networks as well

as the commercial mobile networks. The standards are defined in 3GPP Release 9 [4]

and updated in Release 14 [5]. At the end of this section, all requirements are discussed

to identify the levels of the potential interference between the two networks.

2.3.1 Power Requirements for LTE Mobile BS Transmitters

LTE Mobile base stations (BS) are classified according to their coverage area into a

macro-cell (also named as “Wide Area BS”), a micro-cell (also named as “Medium Range

BS”), a pico-cell (also named as “Local Area BS”), and a femto-cell (also named as “Home

BS”).

For all mobile BSs, the transmitted output power affects the magnitude of unwanted

emissions outside the transmission bandwidth. Unwanted emissions can directly influ-

ence the interference levels experienced by neighboring cells using the same channel.
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Receiver sensitivity
Wide Area BS -121 dBm

Medium Range BS -111 dBm
Local Area BS -107 dBm

Home BS -107 dBm

Table 2.2: The sensitivity level of LTE BS receivers [5].

This affects the ability of the LTE system to maximize spectral efficiency. Therefore, it

is important that the transmitters can set their output power accurately. The maximum

output power for all BSs must remain within ±2 dB of the rated output power assigned.

The rated output power is defined as the mean power level per carrier for BS that a man-

ufacturer has declared to be available at the antenna connector. There is no upper limit

for the rated output power for “Wide Area BS”. For other BSs, the output rated power is

listed in Table. 2.1.

2.3.2 Power Requirements for LTE Mobile BS Receivers

2.3.2.1 Receiver Sensitivity and Dynamic Range

The upper limit for the average signal power that can be received by an LTE base sta-

tion can be identified by referring to the minimum coupling losses, which are the losses

encountered by the signal as it propagates between the user equipment and the base

station tower. Table. 2.1 lists the minimum coupling losses for each BS type. The ta-

ble also lists the upper limit for the average received power [5]. Coupling losses are not

defined for Home BS.

On the other hand, the minimum power level requirements of LTE receivers are de-

fined based on the receiver sensitivity level, which is the level of the minimum mean

power received at which the bit error ratio shall not exceed the maximum specified levels

defined in the 3GPP standards. The receiver sensitivity of LTE mobile BSs are listed

in Table. 2.2. Another important parameter is the dynamic range of the receiver, which
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AWGN interferer Wanted signal
Wide Area BS -79.5 dBm -70.2 dBm
Local Area BS -71.5 dBm -62.2 dBm

Home BS -35 dBm -25.7 dBm

Table 2.3: The minimum requirements for the receiver signal levels with 10 MHz channel
bandwidth at the presence of AWGN interferers.

determines the ability of the receiver to handle a rise of interference in the receiver band.

The dynamic range is used to define the minimum requirement for the wanted signal

mean power. The receiver shall fulfill a specified bit error rate requirement for a specified

sensitivity degradation in the presence of an interfering AWGN signal as listed in Table.

2.3.

2.3.2.2 Adjacent Channel Selectivity and Blocking Requirements

Adjacent channel selectivity (ACS) is a measure of the receiver ability to receive a wanted

signal at its assigned channel frequency in the presence of an adjacent channel signal

with a specified centre frequency offset of the interfering signal to the band edge of a

victim system. In this condition a throughput requirement shall be met for a specified

type of interference signal and frequency offset. The minimum requirements for ACS in

all base station types are defined based on the adjacent channel leakage ratio (ACLR),

which is defined as the ratio between the filtered mean power centered on the assigned

channel frequency to the filtered mean power centered on an adjacent frequency channel.

The ACLR is controlled by the maximum allowed level of unwanted power emissions from

the transmit chain. The ACLR minimum requirement is 45 dB for all different BSs and

at all the different LTE channel bandwidths (1.4, 3.0, 5, 10 and 20 MHz). Therefore,

modulated interference signals appearing close to the base station receiver are going to

introduce a maximum of in-band interference of 45 dB less than the interference mean

power. Accordingly, the minimum requirement on interference mean power are defined in

Table. 2.4 for 1.4 and 5 MHz interfering signals located at larger than 2.5 MHz frequency
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Wanted signal mean power Interferer mean power Interferer BW

Wide Area BS
Rx sens. + 11 dB

-52 dBm
1.4 MHz

Rx sens. + 6 dB 5 MHz

Local Area BS
Rx sens. + 11 dB

-44 dBm
1.4 MHz

Rx sens. + 6 dB 5 MHz

Home BS
Rx sens. + 27 dB

-28 dBm
1.4 MHz

Rx sens. + 22 dB 5 MHz

Table 2.4: Minimum power requirement for adjacent channel selectivity in LTE mobile BS
receivers at larger than 2.5 MHz frequency offset.

offset [9].

2.4 The New LTE Public Safety and Interference in the 700

MHz Spectrum

Public safety agencies are employing LTE broadband communication devices to enable

the use of high data rate multi-media applications serving their missions. The new devices

are not going to replace the conventional digital land mobile radios. Both services are

allocated frequencies in the 700 MHz spectrum which is also occupied by the commercial

mobile LTE band 13 (also referred to as Upper C band).

The “FCC Public Safety and Homeland Security Bureau” mandates LTE technol-

ogy for the 700 MHz Public Safety band (Band 14) [2]. In 2014, there was only one

power class defined for the public safety UE devices which is referred to as power class 3

in the 3GPP standards. The maximum transmit power for this class is set to be 23 dBm.

This limitation on upper link power is a bottleneck to enable higher achievable data rate

with broader coverage, which are essential for Public Safety broadband systems to pro-

vide the necessary population coverage. Public safety needs to provide better coverage

and availability or throughput performance than provided by commercial mobile systems

particularly in rural areas. This can be achieved by using higher power UE(s) for vehicular

mobile applications. This can allow “first responders” to send and receive video and data,
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thus providing the ability to co-ordinate response and protect lives in these scenarios.

In 3GPP Release 14, the maximum transmit power level for Public Safety UE devices is

increased to reach 33 dBm [5]. On the other hand, the narrow band public safety devices

which operates using an average power of more than 47 dBm.

2.4.1 Interference levels in the 700 MHz Spectrum

Interference in the 700 MHz spectrum between public safety and commercial mobile net-

works can have many different forms. Public safety broadband devices transmit and

receive in the 788-798 MHz band, in addition to the 758-768 MHz band. Public safety

mobile radio are also operating between 769-775 MHz and 799-805 MHz. On the other

hand, the uplink and downlink of mobile LTE operate in 776-787 MHz and 746-757 MHz,

respectively. Such congestion has resulted in many interference scenarios between the

different operators.

One scenario is where the base station receiver of a mobile LTE can become a victim

of strong interference signals generated from either broadband public safety transmit-

ters operating on its upper side band, or land mobile radios operating at its lower side

band. Although, public safety land radios occupy very narrow bandwidths, they have to

be considered since they can appear as close as 2 MHz only away from the edge of the

uplink band. At the worst case, public safety interference can reach the uplink receiver

with a power level ranging from -15 dBm to -21 dBm according to the minimum coupling

losses discussed above for a local area base station. The adjacent channel selectivity

requirements have mentioned that the power level of interference signals with less than

5 MHz bandwidth must not exceed -44 dBm. This means that a minimum of 23-29 dB

suppression must be introduced to public safety interference signals reaching the mobile

base station receiver to reach the minimum requirement defined in the 3GPP standards.

Similarly, the receiver of public safety land mobile radios can become a victim for

the public safety broadband operating at its upper sideband, and in other scenarios, the
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broadband public safety devices itself are affected by interference from the mobile down-

link signals.

2.5 High Q Duplexers in LTE Base Stations

A duplexer is a three port passive device that allows transmitters and receivers to operate

simultaneously via a single antenna. It combines the transmitter and the receiver front

end filters, and isolates the two output of these two filters permitting them to share a

common antenna.

2.5.1 Microwave Cavity Resonators

A microwave cavity or radio frequency (RF) cavity is a special type of resonator, consist-

ing of a closed (or short-circuited) metal structure (or sections of waveguides), or high

permittivity dielectric materials (e.g. Ceramic) that confines electromagnetic fields over a

specific range of frequencies. The metal structure can be either hollow forming air cav-

ity resonators, or partially filled with dielectric material. Microwave cavity are capable to

handling high power levels, hence they are used in large BS systems.

In air cavity resonators, both the electric and magnetic fields are stored in a hollow

metallic cavity. In this case, the only losses are due to finite conductivity of the cavity

walls. The surface walls of cavity resonators are usually plated with either gold or silver

to increase their conductivity, further reducing the conductor losses and preventing oxi-

dation. Similar to waveguides, the losses of these resonators are extremely low leading

to a very high Q factor when compared to lumped LC resonators. The Q factor is defined

based on the cavity perturbation theory to be the ratio between the stored energy and the

energy dissipated inside the resonant cavity [11].

There are three different techniques for EM excitation of cavity resonators, which are

Loop excitation, Probe excitation and Aperture excitation [12]. In loop excitation, the RF
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Figure 2.3: The structure of a ceramic resonator with cylindrical electrodes [15].

signal is applied on a loop, which is inserted inside the cavity. This causes the magnetic

flux to expand and contract around the loop, which induces current on the surface walls

of the cavity. In Probe excitation, a probe is inserted instead inducing magnetic field

inside the cavity. Aperture excitation is carried out by making a slot in the cavity resonator

where either electric or magnetic fields are coupled using either a circular or a rectangular

waveguide [13].

2.5.2 Dielectric (Ceramic) Resonators

Di-electric resonators are formed using a rigid block of dielectric material (usually ce-

ramic). The resonant response characteristics are mainly determined by the overall

physical dimensions and properties of the dielectric material. An example of a ceramic

resonator is shown in Fig. 2.3 [14].

EM excitation of ceramic resonators is usually performed by inserting two electrodes,

one electrode at the bottom surface of the ceramic material and a second one at the
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bottom of the cylindrical hole. This electrode can have different shapes (e.g. square,

rectangle, circle, cross,...etc.) [15]. The shape and the physical dimensions of the elec-

trodes are also used to control the resonance frequency.

Ceramic resonators are much smaller in size when compared to air cavities, as the

guided wavelength is reduced by more than 70%. Ceramic resonators are also less

expensive to fabricate. They are typically used in small-cell BSs (e.g. Picocell and Fem-

tocell). Despite their low fabrication costs, ceramic filters can’t totally replace cavity filters

in large BSs due to their power handling limitations.

2.5.3 Rejection and Roll-off Rate of Cavity and Ceramic Duplexers

Cavity filters are characterized by a very high stop band rejection and a very sharp roll-

off. For example, the rejection of a typical 6 order cavity duplexer from MCV Microwave

Manufacturer operating in the 700 MHz LTE band is above 85 dB. In addition, the roll-

off rate can exceed 4.6 dB per MHz. On the other hand, a 6th order Ceramic duplexer

from the same manufacturer operating in the same LTE band can achieve a maximum

rejection of 65 dB with a maximum roll-off rate of 3.3 dB per MHz.

2.5.4 Frequency Tuning of Cavity and Ceramic Duplexers

New LTE receivers require more tunable and adaptable filtering techniques to meet the

flexibility requirements of the channel bandwidth. Microwave cavity resonators are tuned

mechanically using tuning screws which is usually performed manually as shown in Fig.

2.4. In 2013, some research work has been conducted on electrically tuning cavity filter

using MEMS switched capacitor banks and piezomotors [16]. Fig. 2.5 shows the new

electrically tuned cavity filter from 2.56 to 2.63 GHz. Each cavity consists of tuning desks

which are mechanically adjusted using piezomotors together with RF MEMS capacitor

banks to introduce some variations in the resonance frequency. Unlike, the tuning screws,
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Figure 2.4: Mechanically tuning microwave air cavities using a tuning screw.

this technique introduces some degradation in the stop-band rejection performance and

blocking characteristics (rejection roll-off rate).

Ceramic filter are still facing difficulties in tuning their frequency response, however

few attempts has been made on tuning hybrid cavity dielectric filters using GaAs tran-

sistors and RF MEMS switched capacitors in 2011 [17]. In this paper, the MEMS circuit

board were placed inside the Teflon dielectric in each resonator to introduce some par-

asitic magnetic field that can be adjusted to tune the resonance frequency. Similarly,

the tuning elements have also degraded the rejection performance of the teflon based

dielectric filter.

2.5.5 Limitations of Employing High Q filters in Interference Management

As mentioned earlier, interference management in the 700 MHz spectrum requires in-

creasing the stop band attenuation of the receiver filter by more than 29 dB while keeping

a roll-off rate of more than 4 dB per MHz. Therefore, high Q duplexers in wide and

local area base stations must be capable of providing additional rejection by the same

value in the presence of strong interference signals. Some researchers have managed to
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Figure 2.5: Cavity resonators tuned using RF MEMS capacitor bank and piezomotors
[16].
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Figure 2.6: An example of tuning performance of cavity filter using MEMS switched ca-
pacitor banks and piezomotors [17].
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improve the quality factor of air cavity resonators using corner rounding [18]. Hybrid con-

figurations of cavity and dielectric resonators have also managed to improve the blocking

performance of cavity to reach 100 dB. On the other hand, cavity resonators still suffer

from their bulky size and weight which prevents them for being used in small cell base

stations. Cavity resonators are only employed in wide area base stations, since their size

and weight are not compatible with any of the smaller cells. Consequently, the robustness

of wide area base stations to public safety interference signals are much higher.

In local area base stations, ceramic duplexers are still facing difficulties in improving

their stop band rejection. Accordingly, a new solution is needed to relax the filtering

requirements in order to assist ceramic duplexers in rejecting large interference signals,

and also to reduce the order of cavity filters in large base stations, which can further

reduce their size, fabrication and tuning costs.

2.6 Review of Interference Management Techniques

This section presents some of the existing approaches and techniques, which were de-

veloped for understanding, and preventing interference signals from degrading the perfor-

mance of communication systems. The target of all the interference management tech-

niques reviewed in this section is not to eliminate the need of RF filtering in transceiver

systems, but relax the filtering requirements imposed on cavity and ceramic duplexers.

Interference management techniques can be classified based on the source generating

the interference signals. In general, there are three different sources of interference in

RF transceivers.

1. Unwanted emissions in the transmit chain.

2. Power leakage of the transmitter signal onto the receiver (self-interference).

3. Interference generated from near by channels (inter-channel interference).
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2.6.1 Existing Solutions for Unwanted Emissions in LTE Transceivers

As the level of the transmitted output power increases, the signal to noise ratio increases

which improves the quality of intended transmission. However, increasing the transmit-

ted power can also increase the level of unwanted emissions which adversely affect the

interference levels. Therefore, requirements were set for LTE RF transmitters prescribing

the maximum level of output power for the intended transmissions, as well as the level of

unwanted emissions that can be tolerated while maintaining a high quality signal. Ideally,

the transmitter should transmit power only in its assigned spectrum, but in practice this is

never the case as unwanted emissions will always be introduced due to non linearities in

the transmit chain.

There are two kinds of unwanted emissions; out of band (OOB) emissions and spuri-

ous emissions. OOB emissions are the emission that falls in a band close to the intended

transmission bandwidth, while spurious emission are those which fall at any other fre-

quency as seen in Fig. 2.7. Spurious emissions arise from a large variety of non-ideal

effects including intermodulation products. Unlike OOB emissions, the magnitude of spu-

rious emissions can be independent of the transmitted power level.

OOB emission mainly occurs due to non linear devices in the transmitter, e.g: power

amplifiers and mixers. The magnitude of the OOB emission is dependent on the power

level of the transmitted signal. The more power is transmitted, the higher the level of

OOB emissions. Thus, reducing the transmitted power is usually an effective method for

reducing the OOB emissions, however this impacts the signal to noise ratio levels at the

receiver side which can degrade the recovering of the signal and overall data throughput.

OOB emissions can be considered a major source of interference signals. Consequently,

the level of OOB emissions is restricted with the adjacent channel leakage ratio (ACLR)

constraint. This type of interference signals can be managed by suppressing the non-

linearities in the transmit chain as discussed below.
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Figure 2.7: Unwanted emissions regions of the TX frequency spectrum.

2.6.1.1 Management of Non-linearities in RF transmitters

Non linearities in RF transmitters are not generated only by power amplifiers, however

power amplifiers tend to have the major contribution to the transmitted signal distortion.

At the highest power level, power amplifiers can be driven to operate in the non linear

region, which results in adding more frequency components to the input signal at differ-

ent amplitude levels. As a consequence, the level of out of band emissions increases.

These undesired added frequency components are referred to as intermodulation distor-

tion components. Their amplitude level depends on how far the power amplifier enters the

non linear region. Several different techniques were developed to linearize power ampli-

fiers including digital, IF and RF analog techniques. Some of these techniques are based

on characterizing power amplifiers, hence they were called RF pre-distortion techniques

[19]. Others use feedforward techniques, which are designed based on comparing the

power amplifier input signal to a coupled replica of the output and subtracting the inter-

modulation components.
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2.6.1.2 Power Amplifier Pre-distortion Techniques

Power amplifier pre-distortion is a technique that involves the use of some electronic

circuit to implement an inverted behavior of the amplifier, so that it counteracts the non-

linearities of the amplifier and minimize the distortion of the signal. Digital pre-distortion

techniques usually show good linearization results compared to analog ones, however

they suffer from a limited linearization bandwidth due to the memory effects of the system

[9]. Another drawback of digital linearization techniques is the need for up conversion

mixers. Mixers can adversely add more distortion to the signal which results in increasing

the linearization requirements. On the other hand, analog pre-distortion solutions po-

tentially offer broadband linearization. Nevertheless, in both cases the achieved linearity

depends on a large number of different issues. A successful pre-distortion technique

relies on the accuracy of the power amplifier characterization and the generation of an

equivalent canceling characteristic. These techniques are very sensitive to changes in

the device over time which can be due to a variation in the surrounding environment like

a temperature drift or even a variation in the behavior of the signal to be processed. In

non-adaptive digital pre-distortion techniques, the coefficients of the pre-distorter polyno-

mial are usually allocated in a lock up table, while in adaptive ones, these coefficients

will be continuously adjusted. In general, both digital and IF pre-distortion are preferred

because the components required are usually less robust at high frequencies. Thus,

many researchers are aiming at reducing the computational time, optimizing the required

memory by the device.

2.6.1.3 Feedforward IMD Components Cancellation in Power Amplifiers

Feedforward linearization is the most cost effective technique that has been extensively

employed in small base station amplifiers and handsets. It requires less mathematical

computations compared to RF pre-distortion techniques, while providing a higher linearity
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with a fast time response and broadband linearization bandwidth [20]. The feedforward

linearizer consists of two fundamental loops, the signal cancellation loop and the IMD

cancellation loop as shown in Fig. 2.8 [21]. IMD is the amplitude modulation of signals

containing two or more different frequencies, caused by nonlinearities in a system. Non-

linear systems generate harmonics in response to a given sinusoidal input, meaning that

if the input of a non-linear system is a signal of a single frequency F1, then the output is a

signal which includes a number of integer multiples of the input frequency signal. These

multiples are referred to as high order IMD products. The third order IMD product is the

most significant, since it is located at a near by frequency from F1. A power splitter is

inserted at the input of the power amplifier to split the signal among two paths: the main

path; and the auxiliary path. At the main path the signal is amplified then passed through

a coupler that feeds the first cancelation loop, followed by a delay line and a second

coupler feeding the second loop. In the auxiliary path, the signal passes through a phase

shifter and a fixed delay line to compensate for the phase and delay encountered by the

power amplifier in the main path. The two paths are subtracted and the intended signal

to be transmitted is cancelled leaving a lower amplitude replica of the IMD components.

This replica is amplified in the auxiliary path of the second loop using a small power

amplifier. The phase shift and delay in the two paths are matched using a second phase

shifter and fixed delay line. The output of the second auxiliary path is then coupled to the

main signal path, while cancelling out the IMD components totally from the output signal.

The efficiency of feedforward techniques depends on three main factors: loop imbal-

ances, device losses and the type of the auxiliary amplifier used. The distortion intro-

duced by the auxiliary power amplifier is usually insignificant as it operates at very low

power input levels, which make it sufficient to achieve good cancellation. An efficient feed-

forward requires having the exact same amplitude, group delay and opposite phase for all

active paths. Furthermore, power amplifiers can be dynamic in various ways due to either

thermal effects, aging and bias point. Hence, adaptive techniques are needed to maintain
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Figure 2.8: Feedforward IMD components cancellation in power amplifiers [21].

Tuning range (MHz) Two-tone separation IMD cancellation Phase shifter method
2010- 2205 10 MHz 15 dB varactors [24]

2140 15 MHz 15.2 dB group delay [23, 20]
1700- 1900 20 MHz 25 dB phase equalizer[25]
1500- 2400 2 MHz 17- 25 dB LH T-lines (2015)[22]

Table 2.5: Performance comparison of four different IMD feedforward cancellation tech-
niques.

the performance throughout the system life time. Feedforward can provide a broadband

linearization when compared to other digital pre-distortion techniques. Phase shifters and

amplitude modulators with broadband characteristics are the key components that facili-

tate tunable broadband characteristics in the feedforward approach. Table. 2.5 combines

the performance results of feedforward techniques implemented using different types of

phase shifters, which indicates that feedforward techniques can achieve more than 15 dB

cancellation for the IMD components located at a frequency separation ranging between

20 down to 2 MHz. In addition, the same IMD cancellation performance can be tuned

over a 900 MHz band when passive linear phase shifters are employed as presented in

[22].
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Figure 2.9: Interference due to transmit signal leakage in FDD LTE transceivers [26].

2.6.2 Existing Solutions for Transmitter Leakage

Some LTE transceivers operate in frequency division duplex (FDD) mode, which allows

for simultaneous functioning of both the transmitter and receiver. Knowing that the level of

the transmit power exceeds that of the receiver by more than 100 dB, insufficient isolation

within the duplexer connecting the transmit and receive chain to the antenna will lead to

a significant leakage of the transmitted signal into the receiver. Impedance mismatches

at the antenna port can further increase the level of the leaked transmit signal. The level

of the leakage power is not only a function of the transmit signal power, but also the

duplex separation between the transmitter and receiver bands. The power leakage of

the transmit signal into the receiver is generating the second type of interference signals

known as self-interference. Self-interference presents a particularly challenging issue

especially when dealing with RF bands with a small duplex separation, since not only the

fundamental components of the transmit signal interfere with the receiver, but also the

OOB emissions of the transmit signal fall directly into the receiver band. In this case, a

cross-modulation becomes possible as the interference signals mix together to generate

in-band intermodulation distortion products. Fig. 2.9 shows a simplified block diagram

of the transceiver that illustrates the leakage mechanism or the self-interference between

the transmitter and receiver [26].
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Figure 2.10: The block diagram of direct coupling compensation for leakage suppression
in RFID [27].

2.6.2.1 Direct Coupling Compensation

Direct coupling compensation is the typical self-interference cancellation technique used

in RFID readers. RF circulators are one example of the type of duplexers used in RFID

readers. They are known to provide from 15 dB up to a maximum of 25 dB isolation

in practice, which is not sufficient to avoid the self-interference issues. In these types

of transceivers, there are usually two sources for the transmitter leaked signal which

are referred to in Fig. 2.10 as ’Leakage 1’ and ’Leakage 2’. ’Leakage 1’ occurs due

to the insufficient isolation of circulators, while ’Leakage 2’ is due to the mismatches

at the antenna port. Direct coupling compensation system for self-interference signal

cancellation can be demonstrated using only passive RF components. Fig. 2.10 shows

the block diagram of a self-interference cancellation system. It uses a three port ferrite

circulator to route the TX and RX signals to and from the antenna, in addition to variable

attenuators and phase shifters. The practical implementation of this technique faces the

complexity of precisely controlling both the phase shifters and attenuator. In the work

reported in [27], a micro-controller was used to tune both elements and more than 36 dB
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cancellation for the leakage signal is achieved. This technique works well with narrow

band receivers, but rejecting wideband self-interference signals in receivers becomes

more challenging.

2.6.3 Existing Solutions for Inter-Channel Interference

Despite allocating RF band gaps between different neighboring channels, near by trans-

mitters form a common source of interference to RF receivers, which is referred to as

inter-channel interference. The severity of inter-channel interference effect on RF re-

ceivers increases at smaller frequency offsets between the victim receiver and the carrier

frequency of the neighboring channel. The interference issue in the 700 MHz spectrum,

which is the main topic in this thesis is an inter-channel interference type. Some re-

search work has been done for managing inter-channel interference, which is sometimes

referred to as out of band blockers. This subsection studies three different approaches

which are active feedforward interference cancellation, active feedback cancellation and

N-path blocker filtering.

2.6.3.1 Active Feedforward Interference Cancellation

The approach of implementing a feedforward cancellation loop for out of band blockers

was adopted in 2006 by R. Gharpurey et. al. [28]. The loop is used to generate a replica

of the interfering signal which is subtracted from the total received signal at the output

of the LNA, in order to relax the linearity requirement of the down-conversion mixers.

The system architecture of this cancellation loop is illustrated in the block diagram in Fig.

2.11. The main path is formed of the front-end differential LNA and down-conversion

quadrature mixers. The auxiliary path is formed of down-conversion mixers connected to

the input of the main path, high-pass filters (HPFs), baseband amplifiers, phase shifters

and up-conversion mixers connected to the output of the LNA.
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Figure 2.11: Active feedforward interference cancellation architecture for narrow band
receivers.

The incoming signals are down-converted to baseband in the auxiliary path with a

local oscillator (LO) frequency identical to that used in the main path of the receiver. The

desired signal is attenuated using a high pass filter at baseband leaving the interferers

at the input of the base band amplifier. The interferers are then amplified, applied to an-

other passive high pass filter and up-converted to the original RF frequency. The second

high pass filter is used to ensure attenuation of in-band non-linear products and noise

generated by the baseband amplifiers and the down-converter mixer at the input of the

up-converter. The output of the auxiliary path is then combined with the output of the LNA

with a 180 degree phase shifter between the two paths. The attenuation for interfering

signals again depends on the degree of phase and amplitude matching between the two

paths.

Active feedforward cancellation has been tested using off-the-shelf components in

[29], and the test results have shown 23.5 dB and 26.2 dB nulls at ±23 MHz away from

the carrier frequency of the receiver. The noise level increased dramatically above all the

frequencies excluding a 4 MHz band centered at the carrier frequency of the receiver. The

down conversion mixers present a large contribution to the increase of the noise level in

41



Figure 2.12: The measured output noise of the main path and combined paths in the
upper (a) and lower (b) sidebands of the carrier frequency (880 MHz) [29].

the system. Fig. 2.12 shows the measured noise of the main path and the combined path,

which is the main path together with the auxiliary path when the interference cancellation

loop is active. A linearity test was also conducted resulting in a 1 dB compression point

of -29 dBm, which indicates that this technique isn’t valid for high power interference

signals. Moreover, this technique can be used by RF receivers operating with bandwidths

less than 5 MHz, and can handle only narrow band interferers. Although increasing the

number of auxiliary loops has shown to form multiple nulls, it can only be used for multiple

narrow interferers but not wideband modulated interference signals.

2.6.3.2 Active Feedback Interference Cancellation with No Amplitude Matching

In contrast to the feedforward cancellation system presented above, this active technique

suggests the use of feedback loops for cancelling out of band blockers. Active feed-

back interference cancellation techniques are used to eliminate the amplitude matching

condition between the main and the auxiliary paths, as reported in [30]. The system archi-

tecture of the feedback cancellation loop is shown in Fig. 2.13. Unlike feedforward loops,

this technique doesn’t depend on exact gain or phase matching of the LNA and filter core
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Figure 2.13: Receiver feedback loop for out of band blocker filtering with no amplitude
matching [30].

paths. The selectivity of the feedback method only depends on the gain in the feedback

path which is easier to adjust. First, the incoming signal together with the interference

signal are amplified by an LNA with LC tank load. The output signal is fed into the active

cancellation filter core, where it is down-converted into an intermediate frequency (IF) by

the receiver local oscillator signal. The wanted received signal is filtered out using a high

pass filter leaving a blocker replica, which is then up-converted to RF and subtracted from

the total received signal at the output of the LNA. This technique can handle high power

blocker as it was tested using a -15 dBm GSM modulated blocker located at 20 MHz away

from the carrier frequency of the wanted signal (1.9 GHz) [30]. The test results achieved

more than 16 dB attenuation for the blocker, but the noise level at the up conversion mixer

has increased by more than 10 dB. The design of the IF filter bandwidth in the feedback

chain proved to be critical since it controls the stability of the feedback loop. Similar to

the past active feedforward interference cancellation, this system is valid for only narrow

band signals.
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Figure 2.14: The RLC circuit model of N-path notch filters [31].
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(a) (b)

Figure 2.15: Schematic of the implemented 8-path single ended and differential notch
filters [32].

(a) (b)

Figure 2.16: Measurements of 8-path single ended (a) and differential (b) notch filters
[32].
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2.6.3.3 N-Path Blocker Filtering

N-path filtering is the most recent proposed technique for handling high-power interfer-

ence in RF receivers. It uses the N-path concept, which was first introduced in [31], where

filtering is performed in the baseband without the use of down or up conversion mixers.

Unlike most baseband filters, they are characterized by a high 1 dB compression point

and also low noise property.

A block diagram for the RLC circuit model of N-path filters is illustrated in Fig. 2.14.

The input signal is down-converted, high-pass filtered and then up-converted to the same

frequency band as the input experiencing a notch filter at multiple frequencies [32]. The

down-converting mixers are realized by switches driven by N multiphase clocks with a

duty cycle of 1/N. A simple RC network is used to construct the high pass filter, while

the up converting mixers are implemented using a wired-OR connection at the output

node. A typical transfer function of the notch filter is also plotted in Fig. 2.16 showing

the rejection at the switching frequency (fs) and its harmonics. The multi-path switched

capacitor in Fig. 2.14 can be modeled as a parallel RLC tank circuit with a resonance

at fs. Rp, Cp and Lp are the parallel resistance, capacitance and inductance values

of the RLC tank circuit. Rp and Cp are constant for a given number of paths but the

inductor varies with fs. A fixed RC value imply a constant bandwidth for the notch formed.

According to the equations in [32], increasing N will increase the parallel resistance which

further increases the rejection of the notch filter. Similar to the N-path bandpass filter in

[33] harmonic mixing might happen with (N-1)th and (N+1)th harmonics of fs. Therefore

increasing the number of paths not only increases the amount of rejection at fs but also

moves the folding-back components further away.

Fig. 2.15 shows a schematic for the implemented 8-path single-ended and differential

notch filters, and Fig. 2.16 shows the measurements of the two filters. The two filters

have obtained a notch with 18 dB rejection over a 6 MHz bandwidth, in addition to a 2
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dB in-band insertion loss. Measurements have also proved that N-path filters are able to

overcome the drawbacks of baseband filters for achieving a noise figure of less than 3

dB and an IIP3 of more than 17 dBm. On the other hand, these filters can’t handle close

interference signals, as the measured roll-off rate falls below 0.13 dB per MHz, which is

only sufficient for blockers appearing at more than 60 MHz frequency offset.

2.6.4 Limitations of Existing Interference Management Techniques

All the techniques discussed have shown some attractive high performance results in

rejecting interference signals, however they have resulted in some drawbacks that limits

their use in managing interference in the 700 MHz spectrum, which is the main focus of

this thesis.

Starting with the solutions proposed for inter-channel interference signals in subsec-

tion 2.6.3, since public safety interference is itself an inter-channel interference issue.

The benefits and drawbacks of these solutions are summarized as follows:

• Active feedforward interference cancellation can handle interferers located at small

frequency offsets. In this section, it has shown above 20 dB suppression for interfer-

ers appearing at 23 MHz offset. On the other hand, active feedforward cancellation

has dramatically increased the level of noise introduced to the system. Active feed-

forward cancellation can be only applied on low power and narrow band interference

signals, which is seen as a limitation for this technique.

• Active feedback interference cancellation have managed to handle large power in-

terferers, but at the expense of a further increase in the level of noise and system

instability.

• N-path filtering has succeeded in performing baseband filtering without the use of

up/down conversion mixers. This makes it able to handle high power interference

signals without degrading the noise level of the system. By applying baseband
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filtering, this method has also allowed rejecting wideband modulated interference

signals with 6 MHz bandwidth by 18 dB, as shown in the above example. The

main drawback of this method is that it can’t handle small frequency offsets, as the

minimum frequency offset that can be obtained is 60 MHz [32].

Subsection 2.6.1 and 2.6.2 have discussed solutions for unwanted emissions and trans-

mitter leakage, which are different sources of interference compared to what this thesis

is looking at, however these solutions have proved how passive RF signal cancellation

system can avoid all the drawbacks and limitations of baseband filtering and active can-

cellation techniques. RF solutions can avoid the added noise, system instability, and

non-linearities which make the system able to handle large power interference signals.

RF solutions also combine the benefits of active cancellation and baseband filtering, as

it has shown to provide high rejection to interference signals located at small frequency

offsets. In subsection 2.6.1, the IMD components, which were located at small frequency

offset (20- 2 MHz) have been successfully cancelled. Furthermore, in subsection 2.6.2,

more than 36 dB of signal cancellation for the leakage signals has been obtained by the

direct coupling compensation RF system.

Passive RF cancellation system proved to provide a high performance in rejecting in-

terference caused by unwanted emission or leakage signals. These performance results

have encouraged investigating the feasibility of constructing a passive RF cancellation

system for inter-channel interference in the 700 MHz spectrum, which is the research

question of this review. There is one big challenge in applying these RF cancellation

systems on inter-channel interference signals, which can be explained as follows:

The solutions in subsection 2.6.1 and 2.6.2 are all based on constructing a replica of

the interference signals, which is later cancelled out from the main signal path. Construct-

ing a replica can be more challenging if there is no supplied information on the interfering

signal, which is likely the case in inter-channel interference. In other words, the leakage

signals and the unwanted transmitter emission interferers are generated internally in the
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same transceiver. This facilitates generating an interferer replica, which is a coupled ver-

sion of the transmitter signal. On the other hand, inter-channel interference are generated

from unknown transmitters, thus the only way to form a replica of the interferer is by fil-

tering. RF filtering can be challenging when dealing with small frequency offsets which is

the case with public safety interference signals. As a result, a review is conducted on RF

filtering structures to assist their feasibility in separating close interference signals with

large power and bandwidth (> 10 MHz).

2.7 Review of RF Filters for Inter-Channel Interference

According to the limitations discussed in subsection 2.5.5, existing high Q duplexers in

small-cell base stations can’t handle large power interference in the Upper-700 MHz band

(LTE band 14). Furthermore, the reviewed solutions for inter-channel interference in sec-

tion 2.6 have also shown limitations with the power levels of interference signals and the

frequency separation between their location and the receiver band. As a result, a passive

RF feedforward interference cancellation technique is adopted in this thesis. This tech-

nique requires the use of filtering structures for separating interference signals, which can

assist in generating a replica for the interferer. Avoiding or reducing the dependency on

replying solely on baseband or digital filtering of interference signals can eliminate the

limitations of handling large power interference signals. Another advantage, it can also

eliminate the noise introduced by mixers and improve the linearity of the receiver.

To implement this RF cancellation, the design of the filter is critical. The most essential

characteristics for the RF filter used in separating close interference signals is the high

roll-off rate, as it allows for fast switching between the pass and stop band. Knowing that

interference signals can appear at frequency separation of less than 20 MHz away from

the receiver, more than 1 dB per MHz roll-off rate is going to be set as a first requirement

to successfully generate a replica for the interference signal. The rejection bandwidth of
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(a) (b)

Figure 2.17: The structure of combline (a) and inter-digital (b) filters.

the filter is another important parameter. For example, the 700 MHz spectrum involves

LTE wideband modulated signals with 5-10 MHz bandwidth. The insertion losses of the

RF filter needed can however be tolerated, since the separated interferer signal will have

to undergo amplification whether the losses exist or not. However, low insertion losses

are still seen as an advantage for the filter. The physical size of the filter is also a critical

parameter, since the whole cancellation system must fit into the size of small base station

transceivers.

2.7.1 Combline and Interdigital Filters

Combline filters, which were first introduced by Matthaei in 1963, are one of the most

commonly used bandpass filters in many communication systems and other microwave

applications. With modern filter synthesis theory, combline filters having elliptic function

frequency responses can be realized by using the nonadjacent couplings. Unlike Cheby-

shev and Butterworth filters, the elliptic function frequency response is known to provide

a sharper rejection using the same number of resonating elements (same filter order).

Combline filters are constructed using capacitively coupled quarter wave resonators, of-

ten with additional lumped capacitive tuning screws for fine adjustment. The quarter wave

resonators are implemented using strip transmission lines which are all grounded at the

same end forming the shape of a comb, thus referred to as combline filters.
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Figure 2.18: A 3rd order suspended combline bandpass filter tuned using a high Q me-
chanical variable capacitors and varactors [34].

Inter-digital filters can be seen as a miniaturized version of combline filters, since their

structures are very similar. It is also composed of coupled transmission line resonators,

but here the lines are shorted at opposite ends which makes the structure take the form of

interlaced fingers. Inter-digital filters are more efficient in terms of size, when compared to

combline filters, however combline filters can easily obtain better selectivity with smaller

bandwidth and sharper rejection. The structure of the two filters can be seen in Fig. 2.17.

High performance combline filters are usually implemented using suspended strip line

technology. Fig. 2.18 shows an example of a 3rd order suspended combline filter, which

was designed for digital TV receivers operating in the UHF band [34]. The filter uses
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Figure 2.19: Measurements of a 3rd order suspended combline bandpass filter with var-
actor tuning.

high Q mechanical capacitors to tune the frequency response. Additional transmission

lines (coupling reducers) are introduced between the quarter wave resonators to readjust

the coupling at different resonance frequencies. The adjustment is made using different

voltage biased varactors, as shown in Fig. 2.18. The dimensions of the aluminum box are

50 x 65 x 250 mm. Fig. 2.19 shows the measurements of the suspended combline filter

tuned from 470 MHz up to 862 MHz. Measurements indicate more than 50 dB rejection

with 1 dB per MHz roll-off rate. The results also show more than 5 dB insertion loss and a

minimum 3 dB bandwidth of 10 MHz at 450 MHz. As the resonance frequency increases,

the 3 dB bandwidth increases to values above 30 MHz and the roll-off rate degrades as

shown in the figure.

Suspended strip combline filter proved to provide the rejection characteristics perfor-
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mance requirements for separating interference signals in the 700 MHz spectrum. Yet,

the bulky size of the suspended strip line box does not make it any better than microwave

air cavity filters apart from featuring a more practical tuning capability.

2.7.2 Notch Filters

A notch filter can be defined as a band-stop filter with a narrow stop band. Notch filters

have been extensively used in suppressing narrow band RF interference signals in base

station transceivers. A microstrip notch filter is usually implemented via a resonating

structure. The quality factor (Q) of the resonance determines the bandwidth of the notch

in the frequency response. The higher the Q, the deeper the notch, and this can be

useful when targeting large power interference signals, where high levels of attenuation

are required. A simple form of a microstrip resonator is constructed using quarter wave

transformer, which is not recommended for use at low frequencies as the length of the line

becomes a direct function of the operating wavelength. Microstrip patches with different

shapes have also been used in implementing notch filters or notch resonators. Examples

include Ring resonators, T-shaped resonators, L-shaped resonators, ....etc [35, 36, 37].

Similar to quarter wave transformers, the dimensions of these patches remain a function

of the operating wavelength, however the overall circuit size of notch filters constructed

using these shapes is reduced.

Microstrip notch filters usually offer high tuning capabilities for their frequency re-

sponse, unlike most of the band-stop filters, thus becoming an ideal candidate for match-

ing the nature of some interference signals appearing at different frequency locations.

In [38], a tunable notch filter is implemented using RF-MEMS capacitors (Micro-electro-

mechanical switched) to suppress interference due to power leakage between the TX and

RX in a WCDMA transceiver operating at 1.92-1.98 GHz. The high quality factor of the

MEMS capacitors used enabled the notch filter to achieve more than 25 dB rejection over

a 5 MHz bandwidth. On the other hand, the roll-off rate of the filter is very poor as shown
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Figure 2.20: The measured frequency response of the MEMS capacitor tuned notch filter
presented in [38].

in Fig. 2.20. In fact, a high roll-off notch filter can be obtained by employing high quality

factor resonators, which are usually realized in non-planar bulky structures.

2.7.3 Lumped Distributed Capacitively Coupled (LDCC) Filters

Lumped distributed capacitively coupled (LDCC) filter is a new bandpass filter topology,

which was first presented in [39]. This filter is constructed using coplanar waveguide short

Figure 2.21: Schematic of one LDCC pair of segmented transmission line stub [39, 40].
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Figure 2.22: A fabricated 3rd order LDCC bandpass filter [39, 40].

ended stubs, as it allows for well-defined and easily adjustable ground connections for

the resonators. Each stub is composed of 16 segments which are connected via MEMS

switches. An example of a 3rd order LDCC, which is composed of four pairs of segmented

stubs, is designed, fabricated and tested in [39, 40]. Fig. 2.21 shows a schematic for one

LDCC pair. MEMS switches are used to tune the center frequency of the filter from

350 MHz (16 segments) up to 1.4 GHz (4 segments) while keeping a constant fractional

bandwidth (17- 20%). Surface mount capacitors are also inserted along the two parallel

stubs in each LDCC pair. The capacitors are used to slightly adjust the bandwidth of the

filter. A diagram for the fabricated filter is shown in Fig. 2.22 whose dimensions are 44

x 240 mm. Unlike, suspended strip combline filters, LDCC is printed on a planar board

with no metal box nor mechanical capacitors, which has largely reduced the weight of the

board, however the physical dimensions of the filter are still similar [39, 40].

The measurements for the 3rd order LDCC bandpass filter example in [39, 40], showed

more than 60 dB rejection at all switching states, and a 5 dB insertion for the smallest

bandwidth in curve no. vi (5.7 %), as shown in Fig. 2.23. The measurements also indi-

cate a roll-off rate ranging from 0.35 to 0.5 dB per MHz. This roll-off rate means that this
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Figure 2.23: Measurements of a 3rd order LDCC bandpass filter at different switching
states [39, 40].

filter can provide a maximum rejection of 10 dB only for an interferer located at 20 MHz

away from the victim receiver, which is not sufficient to meet the rejection requirements

discussed earlier.

2.7.4 Low Profile Microstrip Filters with High Roll-Off Rates

Both the LDCC and the suspended combline bandpass filter have shown very good rejec-

tion performance, but with bulky and large circuit sizes. These structures are composed

of single dielectric substrate with two fine layers of metal on the top (signal line) and the

bottom (ground) of the substrate material. In general, the rejection performance charac-

teristics of RF filters can be judged by their corresponding low pass prototype. Therefore,

low pass microstrip filters are reviewed in this section. The conventional method of con-

structing a low pass-low profile microstrip filter is the stepped impedance method, which

provides only slow switching from passband to stop-band [41]. The roll-off rate can be

improved by introducing more elements, however this increases the size of the filter and

the insertion loss in the passband. Recently, different methods have been proposed and
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Cutoff freq. (GHz) Roll-off rate (dB/ MHz) Max. attenuation (dB) size (mm)
[42] 3.3 0.084 20 10.0 × 10.9
[43] 1.57 0.03 15 17 × 15.6
[44] 2.00 0.031 10 5.4 x 13.49
[45] 0.8 0.095 20 34.6 x 70.95

[46, 47] 2.5, 2.3 0.1 16, 18 17.6 × 12.2
[48] 5.58 0.084 15 17.4 x 12.2
[49] 2.72 0.125 23 17.6 x 12.8

Table 2.6: A performance comparison between a number of low pass microstrip filters.

developed to implement low profile microstrip filters with better rejection performance by

utilizing different approaches for constructing their resonating element. Some of these

approaches are listed as follows:

1. Hex-angular shaped resonator [42].

2. Polygonal patch resonators with meander transmission line [43].

3. Modified stepped impedance hairpin resonators [44].

4. Stub loaded coupled-line hairpin unit [45].

More methods have been developed to improve the roll-off rate by cascading multiple

patch resonators on high impedance microstrip transmission line [46, 48]. Hence, a

performance comparison is conducted between all the above low pass microstrip filter

designs in Table. 2.6. Each of the filter structures in the table are offering a compact

size with reduced complexity and fabrication costs, when compared to LDCC and sus-

pended stripline type of filters. The results in Table. 2.6 have shown high attenuation

levels for small filter dimensions. However, all the filters have shown poor rejection roll-

off rate, which is very important in selecting an RF filter for the feedforward interference

cancellation system. Consequently, this thesis will be looking at how to design a compact

low-profile passive filtering structure that can provide sharp rejection, in specific a high

roll-off rate of more than 1 dB per MHz.
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2.8 Conclusion

Interference management in the 700 MHz spectrum requires increasing the stop band

attenuation of the receiver filter by more than 29 dB to meet the power requirements

in the 3GPP defined standards for LTE systems. High Q duplexers in wide and local

area base stations have shown some limitations in providing such additional rejection in

the presence of strong interference signals. Although some researchers have managed

to improve the quality factor of air cavity resonators using corner rounding and hybrid

configurations with dielectric materials to reach 100 dB. Cavity filters can only assist in

handling interference in large cells. Thus a review is made on existing interference man-

agement techniques which are grouped according to the source type of interference:

neighboring channel interference; transmit power leakage; and unwanted emissions. All

the techniques presented have shown some attractive high performance results in reject-

ing interference signals, and they have also shown some drawbacks that limits their use in

managing interference in the 700 MHz spectrum. The review results can be summarized

as follows:

1. Neighboring channel interference (inter-channel interference)

• Active feedforward interference cancellation have shown above 20 dB sup-

pression for interferers appearing at 23 MHz offset. It dramatically increases

the level of noise introduced to the system. This cancellation system is only

valid for low power and narrow band interference signals.

• Active feedback interference cancellation have managed to handle large power

interferers, but at the expense of a further increase in the level of noise and

system instability.

• N-path filtering has eliminated the added noise. It has the capability of handling

large power interferers. It has rejected 6 MHz modulated signals by 18 dB. On
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the other hand, it does not allow for small frequency offset as the practical

minimum offset is 60 MHz.

2. Transmit power leakage interference (self-interference)

• More than 36 dB of signal cancellation for the leakage signals has been ob-

tained using a passive RF interference cancellation system. No significant

noise is added to the system. No power limitations. Wide band interferers can

be handled.

3. Unwanted emissions in the transmit chain

• More than 17 dB attenuation for IMD components at small frequency offset (20

MHz and down to 2 MHz) can be obtained using RF feedforward cancellation

systems. The cancellation system uses one active power amplifier, however

the levels of distortion added are insignificant as it operates at very low power

input levels.

The solutions for leakage signals and unwanted transmitter emissions have shown no

drawbacks, however these solutions only address interference signals that are generated

internally in the same system. In order to apply a similar RF feedforward cancellation

method, a replica of the interfering signals must be provided. Inter-channel interference

are generated from unknown transmitters, thus the only way to form a replica of the in-

terferer is via an RF filtering process. RF filtering can be challenging when dealing with

small frequency offsets which is the case with public safety interference signals in the

700 MHz spectrum. This chapter has therefore conducted a second review on RF filters

with high rejection characteristics: combline and interdigital filters; LDCC filters; and low-

profile-low pass filters. Combline filters implemented using suspended strip line technol-

ogy have shown an excellent rejection performance, however their size is not compatible

with small cell base stations. LDCC and microstrip filters have shown poor roll-off rate in
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switching between the pass and the stop band.

The review conducted in this chapter suggests the use of an RF feedforward inter-

ference cancellation system for assisting small-cell base stations in rejecting high power

interference signals appearing at small frequency separation from the receiver. The next

chapter starts by introducing the block diagram of the proposed cancellation system, while

listing the specifications and requirements on the RF hardware needed for handling some

of the interference scenarios in the 700 MHz spectrum. This spectrum is selected as it

presents an exemplar of high power interference with small frequency offsets. The follow-

ing chapters present new methodologies for constructing low profile microstrip filtering

structures with sharp rejection.
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Chapter 3

RF Feedforward Signal Cancellation

System for Public Safety

Interference

3.1 Introduction

This chapter presents the system design for a new feedforward interference cancellation

technique employing band-stop resonators. The structure allows the system to fully op-

erate in the RF domain, where signal down conversion is no longer required. Eliminating

the digital hardware has the advantage of overcoming distortion due to noise and non-

linearities. Like all feedforward loop systems, it consists of two main stages: filtering; and

signal matching. Knowing that interferers can appear at only few MHz away from the

receiver edge (e.g. < 20 MHz) adds the first key challenge to the design of the RF com-

ponents in the system. More challenges appear in the second stage where perfect signal

matching is indispensable for interferers with dynamic bandwidths and power levels.

The chapter starts by introducing examples of different interference scenarios occur-

ring in the Upper-700 MHz band between commercial LTE mobile base station receivers,
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Public Safety Broadband and Land Mobile Radios (LMR). Section 3.3 starts with a basic

introduction to the RF feedforward interference cancellation system and operation. Sec-

tion 3.4 lists the design challenges and performance requirements on each of the RF

components employed in the system including the band-stop resonator, phase shifter,

amplifier, and couplers. Section 3.5 discusses additional requirements which are nec-

essary to obtain some degree of reconfigurability in pursuance of handling the dynamic

nature of interference signals. Section 3.6 discusses the practical implementation of the

system by first selecting some of the off-the-shelf RF hardware components, then propos-

ing new design solutions for handling very close interferers.

3.2 Public Safety Interference Scenarios in the 700 MHz Band

3.2.1 Interference Between Public Safety LTE and Public Safety Land Mo-

bile Radio

As assigned by the FCC, the new broadband Public Safety (PS) LTE is going to use the

frequency band starting from 758 MHz to 768 MHz for the down link (DL) transmission,

and the band between 788 MHz and 798 MHz for the upper link (UL) transmission. On

the other hand, the LMR band is assigned the frequencies between 769 MHz and 775

MHz. Several LMR channels can transmit/receive at any frequency within the 6 MHz,

where each channel holds a very narrow band signal (≈25 KHz). Thus, the LMR receiver

operates at only 1 MHz frequency separation from the edge of the downlink LTE signal

and at less than 20 MHz away from the upper link LTE. A case study was presented

by the US Department of Homeland Security on the potential interference between the

two Public Safety operators. The study showed that LMR receiver can exhibit some

performance degradation in the presence of the two broadband LTE signals. This is due

to the level of these two signals being roughly estimated to be 50 dB and 80 dB higher

than the level of the wanted LMR signal for the down link and upper link, respectively. The
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Figure 3.1: Interference between Public Safety LTE and Public Safety Land Mobile Radio
signals.

upper link however showed less effect on the performance degradation, because it exists

at larger frequency separation compared to the down link signal, as demonstrated in Fig.

3.1.

3.2.2 Interference Between Commercial LTE Mobile Base Station and Pub-

lic Safety Land Mobile Radio

The commercial mobile base station transmits an LTE wide band signal in the frequency

band between 746 MHz and 757 MHz (downlink), which is 12 MHz away from the LMR

receiver and only 1 MHz away from the Public Safety broadband downlink. The two Public

Safety signals can present some interference on the mobile phone receiver, however the

differences between their power levels and that of the received LTE mobile signal are rel-

atively lower when compared to the interference scenarios discussed above. Therefore,

the effect of the LMR interference on the performance degradation of the mobile phone

receiver is limited.

On the other hand, the uplink mobile signal received by the base station uses the

band between 776 MHz and 787 MHz which is only 1 MHz away from the LMR signal.
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Figure 3.2: Interference between Public Safety LMR signal and the upper link of the
commercial mobile band.

In addition, there is a huge differences in the power levels between the two signals, as

the LMR can reach the LTE mobile base station receiver at more than 50 dB higher than

the wanted signal. This can be considered as the worst case interference scenario in the

700 MHz band, because of the high difference in power levels as well as the very small

frequency separation, as explained in Fig. 3.2.

3.3 System Overview

Fig. 3.3 shows the block diagram for the new feedforward interference canceller system

consisting of a bi-directional RF coupler, band-stop resonator, phase shifter, fixed delay,

fixed gain amplifier and signal subtractor. The system is located between the output of

the receiver antenna and the low noise amplifier (LNA), in order to prevent high power

interferers from desensitizing the LNA. The signal to interferer power ratio is visualized at

different parts of the above diagram in the form of arrows labeled “i” and “d”, which refer

to interferer and desired signals, respectively.

The operation of the system is explained in the following steps, given that the carrier
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Figure 3.3: The block diagram for the setup proposed to suppress out of band RF inter-
ference signals using bandstop RF resonators.

frequency of the interferer is f1, while that of the desired signal is f2:

1. The total received signal first passes into the input port of the coupler named “Port

1”, whose coupling coefficient is set to 20 dB. The coupler is operating in the forward

direction having “Port 2” as the coupling port, “Port 3” as the through port , and “Port

4” as the isolation port.

2. A fraction of the two signals now reaches the band-stop resonator, whose function

is to separate the two. The separation is achieved by setting the stop-band at f1

and the pass-band at f2. Hence, the fraction of the interferer is reflected back to the

coupler and the fraction of the desired received signal passes through the resonator,

where it is absorbed by the ground terminal of the resonator.

3. Now, the coupler operates in the reverse direction as the fraction of the interferer

forms a second input to the coupler at Port 2. In the reverse operation, Port 4
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becomes the through port at which the fraction of the interferer signal reaches the

amplifier.

4. The amplifier has a fixed gain of 20 dB, which is set to reconstruct the interferer

signal forming the auxiliary path of the feedforward system. The gain of the amplifier

is selected to compensate for the coupling coefficient of the coupler as well as any

losses encountered in the band-stop resonator. In this case, a 20 dB gain amplifier

is selected, because the resonator is considered to be an ideal component, whose

losses are equals to zero.

5. The total received signal first passed into the coupler reaches Port 3 with zero

attenuation assuming the coupler is lossless. The phase shifter and fixed delay

forms the main path of the feedforward system. Their function is to compensate

for both the phase and time delay encountered by the signals in the auxiliary path

through each of the coupler, the band-stop resonator and the amplifier.

6. Subtracting the signals in the auxiliary path and the main path eliminates the inter-

ferer leaving the desired signal at the input of the LNA.

For this new feedforward cancellation system to work, stringent requirements on the de-

sign and performance of each of the system components need to be met.

3.4 System Performance Criteria and Requirements

3.4.1 Band-Stop Resonator

A band-stop resonator can be defined as a band-stop filter with one port terminated by

either a short or an open circuit. The network representation of a band-stop resonator is

illustrated in Fig. 3.4 together with the typical frequency response for the reflection coeffi-

cient from port1. The stop band represents the range of frequencies at which the signal is
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Figure 3.4: Network representation of band-stop resonators and the typical frequency
response for the reflection coefficient from port1.

totally reflected at port1. On the other hand, the signals are absorbed in the frequencies

above the cut off frequency forming the pass band of the resonator. The function of this

component is to separate the interferer from the desired receiver signal. Seeing that the

two signals are only a few MHz away, high selectivity becomes the most essential design

requirement. The stop band is used to reflect fully the interference signal at the input,

while the pass band absorbs the desired receiver signal to prevent it from being reflected

back to the coupler. The more the receiver signal is absorbed, the less distortion intro-

duced by the feedforwa §§rd system. Therefore, more than 15 dB attenuation is needed

in the stop band of the resonator. In addition, the stop band must be wide enough to

cover the total bandwidth of the receiver signal (e.g. > 10 MHz). Sharp rejection is an

important criteria in the design of these resonator, where more than 1 dB per MHz roll-off

rate is required to separate two signals that are less than 15 MHz away. Low insertion

loss, small circuit size and low fabrication costs are also desirable to improve the system

efficiency.

3.4.2 Phase Shifter and Fixed Gain Amplifier

The accuracy and precision of phase shifters and the fixed gain amplifier are critical de-

sign parameters, due to the fact that signal cancellation requires perfect signal amplitude
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Figure 3.5: The effect of phase and amplitude errors on signal cancellation.

and phase matching.

For example, given two sinusoidal signals: S1= Asin(θ1); and S2= B sin(θ2), where the

amplitude difference/error between A and B is η , and the phase difference/error between

θ1 and θ2 is δ . The effect of these two errors in the cancellation performance can be seen

in Fig. 3.5, which implies that the errors in the phase and amplitude must not exceed ±3.5

degrees and ±1.7 dB, respectively, for obtaining a 20 dB signal cancellation at minimum.

Furthermore, having a non zero bandwidth for the interferer signals identifies the need

of highly linear phase characteristics over frequency, which can be considered as an

additional requirement on the main path components. In fact, for many wide-band RF

and microwave systems, linear phase response is equally desirable and a challenging

design characteristic. Examples include, but are not limited to: adaptive antennas and

radar systems (where phase characteristics are controlled for successful beam forming

and target tracking [52]), wide-band multi-carrier power amplifiers (feed-forward amplifiers

require precise delay to minimize distortion) and leakage cancellation systems to keep

signals out of phase over a wide band of frequencies [53]. More parameters, such as as

low insertion loss, small size, and low fabrication costs are also desirable in the design of
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the phase shifters [54].

3.4.3 Bi-directional Coupler and RF Subtractor

Couplers are pure passive components with no active circuits included, and therefore the

set of requirements are only targeting the amplitude losses and the isolation between the

input ports. The coupler used is a bi-directional coupler whose scattering matrix must be

symmetric. In the forward operation, the through port forms the main signal path of the

feedforward loop. Thus, the maximum tolerable insertion loss must not exceed 1 dB. On

the other hand, the auxiliary signal path is formed in the reverse operation of the coupler,

after the coupled signal is reflected at the band-stop resonator. As a result, the coupler

isolation becomes a very important parameter, as it determines the isolation between

the main and the auxiliary signal paths, as well as the minimum cancellation that can be

obtained for the interference signal. In this work, more than 25 dB isolation for the coupler

is required to obtain a signal cancellation of higher than 20 dB. Furthermore, the couplers

must operate over a sufficient bandwidth covering the frequencies of both the interferer,

the desired received signal and the band separation between the two, which is typically

less than 50 MHz. Either a Rat-Race-Ring coupler with a 3 dB coupling coefficient, or a

180 degree Wilkinson RF power combiner can be used to implement the RF subtractor.

3.5 System Tuning and Reconfigurability

As mentioned earlier, interference signals can appear with different power levels at sev-

eral different frequency separations from the receiver band. The system requirements

presented so far are able to handle different power levels for the interferer, because the

signal to interference power ratio (SIR) is not a function of any of the system parameters.

For example, the 20 dB coupling coefficient together with the 20 dB gain of the amplifier

are not going to change, when handling interferers with SIR of 0 dB, 15 dB, or even higher
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than 20 dB.

However, system tuning is still required to handle interference signals appearing at

different frequency separations (2 MHz∼ 20 MHz) from the receiver band, which itself

can switch between different carrier frequencies (e.g. Public Safety LMR). Since the

interferer and the wanted signal must always fall in the pass band and the stop band

of the band stop resonator, respectively, therefore controlling the cutoff frequency of the

resonator becomes essential, unless it is characterized by a wide pass/stop band. On

the other hand, varying the cutoff frequency of the resonator changes the phase of the

auxiliary signal path in the feedforward loop. Therefore, controlling the phase shifter in

the main path is also needed to keep the phase matching between the two paths.

3.6 Practical Implementation of the Feedforward System

After reviewing commercial off-the-shelf modules available at “Mini-circuits” RF products,

three modules are selected for matching some of the design requirements discussed

above. These modules are the power amplifier (ZX60-3018G-S+), voltage controlled

phase shifter (JSPHS-1000+), and bi-directional coupler (ZFBDC20-13HP-S+), as shown

in Fig. 3.6.

3.6.1 ZX60-3018G-S+ Power Amplifier

According to the data sheet of the power amplifier module, it offers a very high perfor-

mance perfectly matching the system design requirements. It operates over a very wide-

band starting at 20 MHz to 3 GHz, however, this work is considering the range between

500 MHz to 1000 MHz only. The power amplifier is characterized by low noise figure with

a maximum level of 2.7 dB only. Fig. 3.7 shows the measured gain of the Mini-circuits

amplifier varying from 22.42 dB at 500 MHz to 21.83 dB at 1000 MHz, which is only ±0.59

dB. The maximum output power is 12.8 dBm with IP3 level of 25 dBm, which implies that

70



(a) (b)

(c)

Figure 3.6: The three Mini-circuits RF components used in the system setup of the feed-
forward interference cancellation. a- Voltage controlled phase shifter, b- Fixed gain power
amplifier, c- Bi-directional coupler.
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Figure 3.7: The measured gain of the Mini-circuits fixed gain power amplifier.

the third order intermodulation distortion products are non-significant.

3.6.2 JSPHS-1000+ Voltage Controlled Phase Shifter

The phase shifter operates over a wide-band starting at 700 MHz and up to 1GHz. It is

characterized by low insertion loss of 1.5 dB and a voltage standing wave ratio (VSWR)

of 1.3:1. Unlike the amplifier, the phase shifter shows a poor performance in terms of

phase linearity, in addition to non-uniform phase steps with respect to the control voltages

varying from 0 V to 15 V, as seen in Fig. 3.8.

3.6.3 ZFBDC20-13HP-S+ Bi-directional Coupler and Micro-strip Rat-Race-

Ring

The Mini-circuits bi-directional coupler is selected for offering less than 0.4 dB insertion

loss, as well as more than 26 dB isolation at 800 MHz over a wide frequency band reach-

ing up to 1 GHz. Fig. 3.9 shows the measured S-parameters for the Mini-circuits coupler.

The Rat-Race-Ring coupler is designed and fabricated using Microstrip PCB technol-
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Figure 3.8: The measured phase shifts of the Mini-circuits voltage controlled phase shifter
at different control voltages.
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Figure 3.9: The 20 dB Mini-circuits bi-directional coupler used in the feedforward loop
system setup.
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Figure 3.10: The Microstrip Rat-Race-Ring coupler used for subtracting the auxiliary path
signal from the main path signal in the feedforward loop system setup.

ogy as shown in Fig. 3.10. It uses a high permittivity ceramic material with a dielectric

constant of 10, so that it can confine the electromagnetic fields reducing the radiation

losses at high power levels.

Mini-circuits off-the-shelf modules have a two-way power combiner with 180 degree

phase shift between the two input ports, which functions similarly to the Rat-Race-Ring

coupler. However, the isolation of the Rat-Race-Ring coupler is higher and the losses

are much lower when compared to the power combiner. Fig. 3.11 shows the measured

s-parameters for the coupler, which operates from 700 MHz up to 950 MHz with less than

0.6 dB insertion loss and more than 20 dB isolation.

3.6.4 Band-stop Resonator

As discussed before, there are several different interference cases in the 700 MHz band

occurring between narrow band radios and broad band LTE signals, which are either gen-

erated from the public safety devices or the commercial mobile devices. In some cases, a

high power narrow band interference signal is hitting a low power broadband LTE receiver.
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Figure 3.11: The measured S-parameters for the Rat-Race-Ring coupler in the feedfor-
ward loop system setup.

In others, a high power broadband is hitting a low power narrow band radio receiver. As a

result, the band-stop resonator must be designed to separate two close Wideband signal

(> 10 MHz) to match all the different interference scenarios. Implementing a low profile

band-stop resonator for separating two Wideband signals with less than 20 MHz sepa-

ration is still a research question. Hence, the following two chapters: Chapter V; and

Chapter VI are focused on studying the design of this component.

3.7 Conclusion

Interference cancellation can now be fully implemented in RF domain without the need

of any digital hardware using the new feedforward loop system presented in this chap-

ter. The system employs the use of highly selective band-stop resonators to separate

between the interference and the desired received signal. Both signals are known to

be only few MHz away from each other making the design of these resonators be con-

sidered as a major challenge in setting up the new feedforward canceller system. And

therefore, the following two chapters: Chapter IV; and Chapter V, are focused on studying
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how to implement the band-stop resonator matching all the requirements discussed in

this chapter.

High performance off-the shelf components from Mini-circuits are also used to setup a

big part of the new feedforward canceller system, including: a fixed gain power amplifier;

a bi-directional coupler; and a voltage controlled phase shifter. All these components

are characterized and measured in this chapter using a Vector Network Analyzer (VNA).

Measurements show that the phase shifter still suffers from poor phase linearity, which

now introduces an additional challenge in the system realization encouraging the study

of designing highly linear phase shifters, which will be discussed in detail in Chapter VI.

3.7.1 Contributions

This chapter has presented a new architecture for a feedforward interference cancellation

system employing band-stop resonators. It has also explained and listed the specifica-

tions and requirements on the RF hardware used in this system, to enable handling large

power interference signals located at small frequency offsets from the receiver.

76



Chapter 4

Multi-Tap Delay Resonators for

Interference Filtering

4.1 Introduction

The feedforward interference cancellation system presented in the previous chapter still

faces the challenge of generating an interference replica, which requires separating the

interfering signal from the total received signal. The challenge appears when interference

exists at only a few MHz away from the receiver edge, which is the case in some of the

interference scenarios in the 700 MHz spectrum. According to the system requirements

presented earlier, the process of separation requires a very high selective resonator with

a fast switching between the pass and the stop band with a minimum roll-off rate of 1 dB

per MHz, taking into consideration that each of the pass band and the stop band must

cover a minimum bandwidth of 10 MHz. The additional size and cost constraints in small

cell base stations suggest the use of microstrip planar circuits in developing the resonator

used in the separation process.

In this chapter, the development of a new design for high selective band-stop res-

onators for separating close interference signals is presented. The idea of this design is
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based on splitting the RF signal among multiple taps. Each tap is connected to a vari-

able length transmission line with a short/open circuit termination. Having terminations

with different lengths, a different time delay is encountered by the signal in each tap, and

therefore this band-stop resonator is named as a “Multi-Tap Delay Resonator”. In this

design, three parameters are controlling the frequency response of the band-stop res-

onator, which are the number of signal taps, the power split ratio among the taps, and

the time delay step between the taps. In order to understand the effect on each of these

parameters on the frequency response, a detailed study is performed in the first three

sections of this chapter.

• Section 4.2 starts by carrying out a general analysis on the structure of a two-tap

notch circuit being the basic building block of the new Multi-Tap Delay resonator.

Followed by a discussion on the effect of varying the number of signal taps in the

frequency response of the resonator.

• Section 4.3 presents two different prototypes for a four-tap band-stop resonator

using uniform and non uniform amplitude distribution among the signal taps. An

analysis is performed on the frequency response of the resonator with uniform am-

plitude distribution based on circuit model simulations using components from Sys-

tem Passive Library in ADS. Furthermore, a mathematical formula for the transfer

function is derived. On the other hand, a new optimization technique is introduced

for resonators with non-uniform amplitude distribution to obtain the ideal power split

ratio required for maximizing the stop-band rejection.

• Section 4.5 discusses the pros and cons of using a non-uniform time delay step

when designing Multi-Tap Delay resonators.

• Section 4.6 presents the microstrip implementation of four-tap resonators with uni-

form time delay step and non-uniform amplitude distribution, which is selected for

achieving better stop-band rejection characteristics.
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Figure 4.1: The circuit model of a simple 2-tap notch filter in a resonator in b with T= 9
ns. K is the power split ratio between the two ports of the Wilkinson power divider.

• Section 4.7 demonstrates an experiment for testing the performance of the feed-

forward RF cancellation of interference signals using the newly fabricated four-tap

band-stop resonator.

• Finally, in Section 4.8, the test results are analyzed, and evaluated by means of

a comparison held between three different interference cancellation techniques,

which are previously discussed in Chapter II. The three techniques are the feed-

forward interference cancellation at intermediate frequency (IF) [28]; the hybrid RF-

DSP interference cancellation [50]; and the N-path notch digital filtering [32].

4.2 The Structure of the Multi-Tap Delay Resonator

The block diagram of a conventional two-tap notch filter is shown in Fig. 4.1-a. It consists

of a power splitter/combiner dividing the RF signal among two paths (referred to as taps),

where one is holding a time delay element (T ). The time delay can be defined as the

ratio between the angular frequency and thephase of the reflected signal at a particular

frequency, while the group delay is the rate of change of phase with respect to angular

frequency. A two-tap notch resonator can be constructed by terminating the two taps

with either a short or an open circuit instead as shown in Fig. 4.1-b. The signals are

now reflected at the circuit termination and recombined back at the input of the power

splitter. Ideally, the signal is perfectly reconstructed with zero insertion loss as long as the
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Figure 4.2: A diagram showing the relation between the time delay in a 2-tap notch
resonator, and the frequency separation between the interferer and the receiver edge.

reflected signals from the two taps are in phase. As the phase difference increases, the

insertion loss increases reaching infinity and a notch is created. A single notch appears

in the frequency response of the reflection coefficient at frequencies fnotch =
n

2T , where n

is an odd number. At fnotch, the incident wave is reflected at the short circuit terminations

of the two taps and destructively recombined, where the power of the signal is absorbed

by the resistance of the power divider. In this case, the band-stop resonator doesn’t

represent any significant resistive losses to the receiver signal.

Separation of an interference signal from the receiver requires placing a notch at the
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Figure 4.3: The circuit model of the 4-tap stop band resonator with ideal delay elements,
T= 3 ns.

carrier frequency of either the interference or the wanted signal while leaving a maximum

on the other. For example, given an interfering signal at F1 is affecting an RF receiver op-

erating at a carrier frequency F2, a two-tap notch resonator can be used to place a notch

at F1 while leaving a maximum at F2. In this case, the phase difference between the

two taps is 180o and 0o at F1 and F2, respectively. The difference in the group delay be-

tween the two taps now becomes a function of the frequency separation between the two

signals (∆F= F2-F1). As the frequency separation between the two signals decreases,

larger delays will be required as illustrated in Fig. 4.2.

Interferers are modulated signals with non-zero bandwidth and therefore multiple

notch points are required for filtering out the signal rather than a single notch. The notch

points in the frequency response must be selected such that they are close enough to

form a stop band with low amplitude ripples. Increasing the number of taps creates

more combinations where the divided portions of the signal are reflected out of phase

and multiple notch points can be formed. The idea of constructing this resonator can be

considered similar to tapped delay filters. There are two types of tapped delay filters:
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Figure 4.4: The simulated S-parameter for a two-tap and a four-tap resonator.

transversal digital filters which are also known as Finite impulse Response (FIR) filters;

and transversal analog filters. Digital FIR filters are formed of a weighted summation of

N+1 taps, each tap holds a sample of the digital signal delayed by one unit (-1) [55]. Unlike

FIR, transversal analog filters use continuous time input signals, thus active integrating

transistor circuits are used [56]. Fig. 4.3 show the structure of a four-tap delay resonator

constructed using ideal components from System-Passive Library in Agilent ADS 2015.

This resonator can be seen as the first attempt to design and implement tapped delay

filters at high frequency.

The effect of increasing the number of taps can be demonstrated by carrying circuit

simulations for the constructed two-tap delay resonator in Fig. 4.1-b and the four-tap de-

lay resonator in Fig. 4.3. The delay component in the second tap of the first resonator is

set to a value of 9 ns. While, the three delay components in the second, third and fourth

taps of the second resonator are set to a value of 3 ns (T), 6 ns and 9 ns, respectively. Fix-

ing the time delay differences between every two successive taps equates the frequency

separation between the notch points. This can be seen in the circuit simulation results

shown in Fig. 4.4, which also points to a doubling of the rejection bandwidth with three
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Figure 4.5: The simulated S-parameter for a four-tap band-stop resonator designed using
step delays (T).

notch points for the four-tap delay resonator. The simulations of the four-tap resonator

are again repeated using different step delays: T= 1 ns; and T= 5 ns, as shown in Fig

.4.5. The results show an increase in the rejection roll-off rate from 0.1 dB per MHz to

0.5 dB per MHz after increasing the step delay from 1 ns to 5 ns. These results verify the

direct relation between the time delay step and the rejection roll-off rate (dB/ MHz) of the

band-stop resonator. This relationship is going to be used in Section 4.6 when discussing

the implementation of the resonator required for the feedforward interference cancellation

system.

4.2.1 Transfer Function Derivation for Multi-Tap Delay Resonators

In order to understand how the notch points are formed and how to control their location

in the frequency domain, a mathematical analysis is performed for the transfer function.

The transfer function of the Multi-Tap Delay resonator H(ω), defined as the ratio between

the reflected and input signals, can be derived by referring to the mathematical derivation

of an antenna array factor. According to antenna theory, the array factor combines the
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effects of distributing the input power on multiple antenna elements on the overall radia-

tion pattern, given a fixed step of phase shifts in the current feeding each two neighboring

antenna elements [57]. Similarly, the transfer function of the resonator here is aimed to

combine the effects of distributing the input power on a certain number of taps (N) with a

fixed delay step between each two successive taps.

Given that the total input signal for an N-Tap Delay resonator with uniform amplitude

and delay step is Ae jwt , therefore the total reflected signal back at the input R(ω) can be

expressed as follows:

R(ω) = [1+ e jωT + e2 jωT + ..............e(N−1) jωT ]ae jωt (4.1)

R(ω) = (
e jωT −1
e jωT −1

) [1+ e jωT + e2 jωT + ..............e(N−1) jωT ]ae jωt (4.2)

R(ω) = ae jωt (e
jNωT −1)

(e jωT −1)
(4.3)

where ω is the angular frequency, a = A
N and T is the time delay step between every two

successive taps.

H(ω) =
1
N
(e jNωT −1)
(e jωT −1)

=
1
N

sin(NωT
2 )

sin(ωT
2 )

(4.4)

Now, H(ω) forms a periodic sinc function whose period is equal to 1
T . The number of

stop band ripples located between every two successive peaks is always equal to N−2,

while the number of notch points is N− 1. By plotting the transfer function for different

values of N, it can be noticed that the 3 dB bandwidth is reduced with the increase of N,

thus higher roll-off rate is obtained for the resonator, as shown in Fig. 4.6.
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Figure 4.6: A plot for the transfer function H(ω) of Multi-Tap resonators with different
number of taps (N).

4.3 The Effects of Unequal Tap Amplitudes on the Frequency

Response

Multi-Tap Delay resonators can be classified based on the power split ratio (K) at the input

into uniform and non-uniform amplitude resonators. For uniform amplitude resonators, K

is equal to 1, and the power is distributed equally among all the signal taps of the res-

onator. One can assume that the power of each tap arrives equally at the short circuit

termination and back to the power combiner. This assumption can be made true given

that only ideal circuit components are used, which is never the case as all non-ideal ef-

fects must be involved. In fact, the power combiner will always receive unequal amplitude

levels from each of the delay taps. The reason is the insertion loss of RF transmission

delay lines increases with the increase of the group delay obtained by the line. However,

peaks and notches can still be formed as long as the insertion loss is directly proportional

to the time delay in each tap.

The effects of unequal tap amplitudes can be demonstrated by modifying the circuit
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Figure 4.7: The circuit model of the 4-tap stop band resonator with lossy delay compo-
nents, T= 3 ns.

block diagram introducing attenuators in each tap as shown in Fig. 4.7. The attenuation

values are inserted assuming 1 dB loss for every 3 ns, which is a rough estimation for

the insertion losses of large delay transmission lines. The simulation results in Fig. 4.8

shows how the lossy delays have affected the overall frequency response. The pass

band is shifted down showing more than 3 dB insertion loss. Notch points are formed,

but the rejection is reduced by more than 12 dB. On the other hand, the peaks of the stop

band ripples are reduced by more than 9 dB, which can be seen as the only advantage

of the losses. This single advantage has brought an interest in investigating the structure

of non-uniform amplitude resonators, where the unequal tap amplitudes are not only a

result of delay losses, but also a power split ratio of K6=1 is imposed.

4.4 Non-uniform Amplitude Multi-Tap Delay Resonators

A study is carried on the effect of the amplitude variations between the resonator taps on

the frequency response, where lowering the amplitude of the signals reflected back from
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Figure 4.9: The circuit model of the new 4-tap stop band resonator with added attenua-
tors, T= 3 ns.
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Figure 4.10: A comparison between the simulated circuit model of four-tap resonators
with uniform and non uniform amplitudes.

the taps with both the smallest and largest delays has been found to improve the rejection

characteristics. This can be demonstrated by inserting additional attenuators (e.g. 3 dB)

to the first and fourth signal taps as shown in Fig. 4.9. The circuit simulations for the 4-tap

model with, and without, the attenuators are now compared in Fig. 4.10, where more than

14 dB extra attenuation is achieved in the stop-band leaving the passband with additional

losses of 2.5 dB.

To keep some of the improvements but avoid the additional losses, it is suggested to

eliminate the 3 dB attenuators and adjust the power split ratio of the first power divider

at the input port instead as shown in Fig. 4.11. The power split ratio (K) is the ratio

between the power at the first output, to that in the second output in a four-tap resonator.

Therefore, K= 0.5 suggests distributing one third of the signal among the two taps with the

largest and smallest time delays leaving the remaining power equally distributed among

the inner taps.

This can be explained by re-writing the transfer function of the four-tap resonator with

unequal amplitude coefficients, as seen in Eqn. 4.5, then replacing every e jωT by x to
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Figure 4.11: The circuit model of the new 4-tap stop band resonator with unequal power
split ratio K= 0.5 , T= 3 ns.

obtain Eqn. 4.6. In this case, the amplitude losses of the delay taps are not considered,

because they don’t present a significant effect on the frequency response.

H(ω) = e jωt [Ao +A1e jωT +A2e j2ωT +A3e j3ωT ] (4.5)

H(ω) = e jωt [Ao +A1x+A2x2 +A3x3] (4.6)

Improving the rejection of the resonator means reducing the level of the stop band

ripples, and these ripples can be totally eliminated by equating the amplitude coefficients

of the transfer function H(ω) to the coefficients of the binomial expansion of (x + 1)3

determined using Pascal’s triangle in Fig. 4.12. In this case the amplitude distribution

among the four taps becomes 1: 3: 3: 1. It is not advised to use these exact coefficients

as it will combine the three notch points into one thus reducing the rejection bandwidth.

However, it is recommended to follow the nature of Pascal’s distribution, such that the

outer taps carrying the smallest and largest delays are fed by equal fractions of power.
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Figure 4.12: Pascal’s triangle listing the coefficients of high order binomial expansions
[58].

The same applies for the inner taps, thus the optimum power split ratio (K) of the second

and third power dividers is 1. On the other hand, the power split ratio (K) of the first power

divider must be set to a value less than one for reducing the level of the stop band ripples.

Fig. 4.13 shows the circuit simulation results of the modified resonator with different

values for K for the first power divider. For K=1, the structure can be classified under

uniform amplitude resonators whose insertion loss is equal to 3 dB, first notch point re-

jection equals to -18 dB, and stop band ripples level of -14 dB. For K= 0.7, the insertion

loss remains the same, the rejection of the first notch is increased by more than 3 dB and

the side lobe level is reduced by more than 5 dB. As K reduces to 0.6, the rejection of

the notch is further reduced by another 2 dB, while the stop band ripples are reduced to

reach -21 dB. This leaves a gap of more than 18 dB between the peak of the pass band

and the peak of the stop band. This gap has previously been equal to 10 dB for uniform

amplitude resonators (K=1), and now the K= 0.6 structure has the gap increased by 8

dB, while keeping the exact same insertion loss in the pass band. This recommends the

use of non-uniform amplitude resonators with un-equal power split ratio among the taps

for having a significant improvement in the stop band rejection over a wider frequency

bandwidth.
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Figure 4.13: The simulated S-parameter for 4-tap band-stop resonators with different
power split ratio K.
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Figure 4.14: Chebyshev amplitude distribution for even and odd number of taps (N).

4.4.1 Chebyshev Power Split Ratio Optimization

In this subsection, a methodology is suggested to optimize the power split ratio between

the resonator taps for a specific required stop band attenuation. This methodology is

based on the Chebyshev optimization used to obtain the amplitude ratio of the currents

feeding an array of antenna elements for minimizing the side lobe level of the radiation

pattern [59].

Assuming that the power distribution among N taps is symmetric across the N
2

th tap
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for even N, or the N+1
2

th tap for odd N. The reason behind this assumption is to simplify

the transfer function H(ω) for N taps with un equal amplitudes, which can expressed as

follows:

For even N, Fig. 4.14-a.

H(ω) = Aoe
ωT
2 +Aoe

−ωT
2 +A1e

3ωT
2 +A1e

−3ωT
2 +A2e

5ωT
2 +A2e

−5ωT
2 + ......A N

2
e

(N−1)ωT
2 (4.7)

H(ω) = 2A0cos(ωT )+2A1cos(3ωT )+2A2cos(5ωT ) (4.8)

H(ω) =
n=(N/2)−1

∑
n=0

Ancos(
2n+1

2
ωT ) (4.9)

For odd N, Fig. 4.14-b.

H(w) =
n=(N−1)/2

∑
n=0

Ancos(nωT ) (4.10)

Given that the attenuation level required is R, which is defined as the ratio between

the peak of the stop band ripples to the pass band peak level. Then Ao,A1,A2, ....A N
2

can

be calculated by comparing the coefficients of H(ω) to the Chebyshev polynomial of the

same order Tm(
x
xo
), where xo is equal to T−1

m (R).

4.4.1.1 Example

For a four-tapped delay resonator. The optimum amplitude ratio required for a minimum

stop band attenuation of 20 dB can be obtained by applying the following steps:

• Step 1: Write down the transfer function H(ω)
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– H(ω) = Aocos(ωT )+A1cos(3ωT )

• Step 2: Expand the cosine with all the multiples of ωT to its equivalent series poly-

nomial

– H(w)=Aocos(ωT )+A1(cos3(ωT )−3sin2(ωT )cos(ωT ))=Aocos(ωT )+A1cos3(ωT )−

3A1(cos(ωT )− cos3(ωT ))

• Step 3: Replace every cos(ωT ) with x , then select the Chebyshev polynomial Tm(x)

with the same order m= 3.

• Step 4: Determine the point xo on Tm(x) such that it satisfies the condition T3(x)x=xo =

cosh[1
3 cosh−1(1020/20)] , xo = 1.54

• Step 5: Write the normalized transfer function h( x
xo
) = 4A1(

x
1.54)

3 +(Ao−3A1)(
x

1.54)

• Step 6: By comparing the coefficients of the Chebyshev polynomial to the transfer

function, Ao and A1 will be equal to 6.33 and 3.65, respectively.

These results now correspond to an optimum power split ratio of K= 0.56. This ratio is

less than the ratio proposed by Pascal’s distribution above (K= 0.33), as the amplitude of

the stop band ripples is now optimized rather than being totally eliminated.

4.4.2 Tuning Capabilities of Multi-Tap Delay Resonators

As the interference signals are not stationary, the capability of tuning the frequency re-

sponse of the resonator is essential. In the proposed system, the resonators can be

tuned by introducing slight adjustments in the delay step between the taps, which can

be done using variable phase shifters. Fig. 4.15 shows the circuit structure of a four-tap

Delay resonator with tuning phase shifters. It can be noticed that the three phase shifters

are adjusted separately, so that the additional phase shifts become proportional to the

time delay of each tap. For an example, if the phase of the second tap is selected to
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Figure 4.15: The modified circuit model for a tunable four-tap band stop resonator, T= 3
ns, K= 0.7.

be equal to 15o, then the phase shifters in the third and the fourth tap must be adjusted

at p= 15o and p= 30o, respectively. The simulation results of the circuit structure of the

resonator in Fig. 4.16 now indicate a 15 MHz shift in the center frequency of the pass

band for every added 15 degree. Also, it can be said that the precision of tuning these

resonators only depends on the accuracy of the variable phase shifter to be used.

4.5 Multi-Tap Delay Band-stop Resonator with Non-uniform

Delay Step

It is mentioned above that the delay step between the resonator taps must be fixed,

similarly the phase step when tuning the resonator must also be fixed. This section now

investigates varying the delay step between each two consecutive taps creating a non-

uniform delay step type of resonator. The reason for carrying out this investigation is to

allow some freedom in optimizing the width of the stop band of these resonators to cover

not more than 10 MHz bandwidth. An interesting fact about this type of resonators is that

it is possible to determine the least number of taps with the least delay values needed
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Figure 4.16: The simulation results for the model in Fig. 4.15 with different phase states.

to meet the given frequency response specifications. In other words, resonators with

non-uniform delay step can become more efficient in terms of size and complexity.

Unfortunately, there is no formal methodology for designing band-stop resonators with

non-uniform delay step. However, it is possible to construct a search algorithm, with a

given range for each of the constructing parameters of the resonator: number of taps;

delay in each tap; and the amplitude of each tap. The search algorithm is run to try all

the different combinations. Each resulting function is evaluated based on meeting the

specified rejection requirements, as shown in the example below.

4.5.1 Example

A search algorithm is built using Matlab to determine the constructing parameters for

rejecting a 5 MHz signal located at 20 MHz away from the wanted signal centered at

780 MHz, given that more than 15 dB stop band attenuation is required. Table. 4.1 lists

a summary for the results satisfying the search conditions. The frequency response of

the three resonators constructed using the parameters in Table. 4.1 is plotted in Fig.

4.17. It can be seen that reducing the number of taps from 4 to 3 taps does not alter the
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No. of taps Delay in each tap (ns) IL (dB) Attenuation (dB)
2 T1= 16.61 < 0.7 18.2
3 T1= 21.7, T2= 10.18 < 1 > 20
4 T1= 24.3, T2= 17.93, T3=10.34 < 1 > 20

Table 4.1: Multi-Tap delay resonator with uniform amplitude and non uniform delay step

Figure 4.17: The transfer function of Multi-Tap band-stop resonator with non-uniform de-
lay step whose design details are given in Table. 4.1.

attenuation, given that the signal to be rejected appears on the left side of the wanted

signal.

Although, this approach offers advantages in terms of reducing the number of taps

or in other words the physical size, this type of resonators is abandoned in the work

presented in this thesis due to the high sensitivity of some of the parameters. In fact, the

effects of any slight variation in either the amplitude or the group delays is unpredictable.

On the other hand, it is not guaranteed to eliminate these small variations in the design

parameters in practice due to fabrication tolerances.
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4.6 Microstrip Implementation and Measurements

This section presents the implementation of the Multi-Tap Delay resonator employed in

the feedforward interference cancellation system. The resonator must be able to separate

two modulated signals whose maximum operating bandwidth can reach up to 10 MHz,

and with a frequency separation ranging from 20 and down to 10 MHz only. The maximum

required delay (Tmax) is first calculated such that it satisfies the two conditions described

in Eqn. 4.11 and 4.12, given that N= 2.

Hnormalized(ω1) =
1
N

sin(NωTmax
2 )

sin(ωTmax
2 )

= 1 (4.11)

Hnormalized(ω2) =
1
N

sin(NωTmax
2 )

sin(ωTmax
2 )

= 0, f irst null (4.12)

where ω1 and ω2 are the centre frequencies of the wanted received signal ( 770 MHz )

and the interferer, respectively.

For circuit implementation, size is the one of the most important complexity measures.

A four-tap resonator is therefore selected to minimize the size of the structure with three

delays: τ= Tmax
3 = 7.3 ns; 2Tmax

3 = 14.6 ns; and Tmax = 21.9 ns. The circuit is implemented

in microstrip technology for the ease of fabrication. Ceramic substrate (Rogers 6010) is

selected with high permittivity (εr = 10.2 , thickness= 1.27 mm) to obtain the large delays

required with minimum circuit dimensions.

The optimum power split ratio (K) is calculated using the technique in Section 4.4

to be 0.56. Constructing Wilkinson power dividers with the calculated power split ratio

requires very high impedance sections, whose physical dimensions falls below 0.2 mm.

Since, the circuits here are fabricated using the standard milling tools available in the lab,

it is advised to increase the power split ratio for the first power splitter up to 0.7 to ease

the implementation issues. On the other hand, the second and the third power splitters
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Figure 4.18: Four-tap resonator circuit model with reduced size.

are designed with equal power split ratio, K=1.

The RF delay components are constructed using 50 Ω meander transmission lines,

whose height is designed to be less than quarter the propagation wavelength (λg = 28

mm), in order to avoid resonances and suppress higher order modes. The meander lines

are also separated by a 2 mm gap to reduce coupling losses. Eqn. 4.13 is used to

calculate the transmission line lengths (L) for the delays (τ) in each of the three taps.

L =
τ
√

εr

c
(4.13)

Each signal tap is terminated with an open circuited stub with the following dimen-

sions:

• 15 mm for the first tap.

• 30 mm for the second tap.

• 20 mm for the third tap.

• 25 mm for the fourth tap.

These dimensions are chosen to maintain the fixed group delay between each two con-
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Figure 4.19: The board layout of the 4-tap band stop resonator with K= 0.7. The outline
of the board is 13.5 cm x 22.5 cm.

secutive taps. Short circuit terminations are avoided to facilitate the fabrication process

and avoid the losses introduced by grounded vias. For further size reduction, a 20 mm

delay lines is shared between the third and fourth taps, as shown in Fig. 4.18.

Fig. 4.19 shows the top layer of the board layout which is built using the Passive

Microstrip Circuits Library in ADS. Table.4.2 lists all the geometric dimensions for the

four-tap band-stop resonator board.

Table 4.2: Geometric dimensions of the board in mm

w0 1.367 w2 0.281 L0 69.3 L2 97.8 h 30.5
w1 0.772 w3 0.497 L1 108.5 s 1.75 X 5.0

Fig. 4.20 shows the fabricated microstrip four-tap Delay resonator with K= 0.7, whose

circuit dimensions are 13.5 cm x 22.5 cm. Another board is fabricated with K=1 and Fig.
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Figure 4.20: The fabricated microstrip 4-tap band-stop resonator with unequal power split
ratio K =0.7 and a maximum delay of 22 ns. The dimensions are 22.5 cm x 13.5 cm.

4.21 shows a comparison between the measured S-parameters of the two boards. Mea-

surements show a good agreement with the circuit simulation at frequencies around 770

MHz which is the same frequency on which the Wilkinson power splitters are designed.

In order to obtain the same agreement on a wider band of frequencies, the power split-

ters should be designed using more than a single section of quarter wave transformers.

The measured resonator with unequal power split ratio shows a 2 dB less insertion loss

compared to the resonator designed with equal power ratio. The results of the measured

resonator with K= 0.7 show a very high selectivity with a 3 dB bandwidth of 11 MHz only.

A maximum insertion loss of 3.9 dB is also measured, in addition to more than 30 dB

rejection with the stop band ripples reaching a peak of -25 dB. Furthermore, the 30 dB

rejection appears at less than 20 MHz away from the pass band resulting in a high roll-off

rate which exceeds 1 dB per MHz.
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Figure 4.21: The measured s-parameter at the input of the fabricated 4-tap band-stop
resonator with K =1 and K =0.7.

signal generator

2x10 MHz LTE signals

25 dB amplitude offset

bandstop resonator
13.5 cm x 22.5 cm

22 dB power amplifier

 23 dB bi-directional coupler

150 degree phase shifter

spectrum analyzer

rat-race ring coupler

fixed delay (5 ns)

Figure 4.22: The test bench for the interference cancellation using the four-tap band-stop
resonator (K= 0.7).
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4.7 Experimental Results

4.7.1 Test Bench Setup

Fig. 4.22 shows the setup of the test bench used to demonstrate the feedforward in-

terference cancellation system using the newly fabricated four-tap band-stop resonator

with unequal power split ratio of K= 0.7. The test bench consists of a vector signal gen-

erator (Rhode & Schwarz SMU 200 A), a spectrum analyzer (Rhode & Schwarz FSL),

a 20 dB bi-directional coupler (Mini-Circuits ZABDC20-252H-S+), a 24 dB gain ampli-

fier (Mini-Circuits ZX60-3018G-S+) and a microstrip 3 dB Rat-Race-Ring coupler. The

vector signal generator is configured to combine two LTE base band signals (A and B),

whose symbol rates are adjusted such that each signal occupies a signal bandwidth of

10 MHz. A and B represent the wanted received signal and the interferer, respectively.

The two signals are combined in the base band after a frequency offset and a path gain

are assigned to signal B. The generator up-converts the combined signals to RF using

the carrier frequency and the output power level assigned which are 795 MHz and -50

dBm, respectively.

Next, the output of the signal generator is connected to the FSL spectrum analyzer

showing one modulated LTE signal. The path gain assigned to signal B is given a fixed

value of 25 dB, while the frequency offset is given different values creating three test

cases. In the first test case, the frequency offset is equal to 25 MHz. The interfering signal

is located between 765 and 775 MHz with a peak power level of -25 dBm. The signal

generator is then disconnected from the spectrum analyzer and injected to the input-

port of the 20 dB coupler as shown in Fig. 4.22. The through-port of the coupler forms

the main signal path, while the isolation-port forms the auxiliary path where a replica

of the interferer is reconstructed. The coupled-port is terminated by the new band-stop

resonator. Here, a fraction of the interferer signal is reflected back leaving a small fraction

of the wanted received signal after being absorbed in the stop band of the resonator.
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The reflected signal carrying a fraction of the interferer then leaves the coupler from the

isolation-port reaching the amplifier, which is used to readjust the amplitude of the signal.

The gain of the amplifier exceeds the coupling coefficient by 4 dB to account for the

insertion loss of the band-stop resonator. Furthermore, a 5 ns microstrip meander delay

is fabricated and connected to the through port of the coupler to compensate for the

delay encountered in the auxiliary path. A voltage controlled phase shifter is also used to

maintain zero phase difference between the two signal paths. Finally, the two signals are

then subtracted using the Rat-Race-Ring coupler.

The test is repeated after reducing the frequency offset down to 20 MHz followed by

15 MHz for the second and the third test cases. At each time, the output of the signal

generator is first connected directly to the spectrum analyzer to capture the input RF

signal before applying it to the interference cancellation system.

4.7.2 Test Results

The measured results of the first test case show more than 45 dB cancellation at the

center frequency of the interferer, and more than 25 dB cancellation over the whole band

of the interfering signal, as seen in Fig. 4.23. The results also indicate more than 29.5 dB

increase in the average signal to interferer power ratio (SIR), which is calculated before

and after cancellation in the same figure. Measurements of the second and third cases

with the frequency separation between the interferer and the edge of the received signal

reduced to 15 MHz followed by 10 MHz, are shown in Fig. 4.24 and 4.25. In each case

the voltage controlled phase shifter is slightly tuned and a successful cancellation for

the interferer is obtained leaving the receiver band attenuated by less than 5 dB. The

SIR is increased by more than 26.5 dB and 12 dB for the second and third test cases,

respectively.
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Figure 4.23: The measured power spectrum for the received signals before and after
interference cancellation with (d) at 795 MHz, (i) at 20 MHz offset.
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Figure 4.24: The measured power spectrum for the received signals before and after
interference cancellation with (d) at 795 MHz, (i) at 15 MHz offset.
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Figure 4.25: The measured power spectrum for the received signals before and after
interference cancellation with (d) at 795 MHz, (i) at 10 MHz offset.

4.8 Conclusion

High power Wideband interferers appearing at 20, 15 and 10 MHz away from the re-

ceiver band edge can now be suppressed by applying a feedforward cancellation system

using the new four-tap band-stop resonator, which is designed in this chapter. The new

band-stop resonator is designed based on tapped delay line filter structures, which are

implemented in the RF domain. The new design is named as “Multi-Tap Delay Res-

onator” as it consists of multiple transmission line delay taps. It offers high selectivity,

high rejection and higher than 1 dB per MHz roll-off rate.

4.8.1 Summary of the Results

• Three different prototypes for the new resonator are evaluated by applying math-

ematical analysis and circuit simulations. The signal taps are characterized by

uniform amplitude distribution and delay step in the first prototype, non-uniform

amplitude distribution in the second prototype and non-uniform delay step in the

third prototype. The circuit analysis of the second prototype achieved 10 dB more
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stop band rejection for the same number of taps when compared to the two other

prototypes.

• A new methodology is introduced to optimize the amplitude ratio between N number

of taps based on Chebyshev algorithm. According to the optimization results, more

than 20 dB stop band rejection can be obtained using a four tap resonator given

that the power split ratio among the outer and the inner delay taps is less than 0.6.

• A four-tap microstrip band-stop resonator with non-uniform amplitude is designed

with 0.7 power split ratio instead of 0.6 to facilitate the fabrication process. Mea-

surements of the resonator indicate a very high selectivity with a 3 dB bandwidth

of 11 MHz only, in addition to a high stop-band rejection of more than 30 dB with

the stop band ripples reaching a peak of -25 dB and a maximum insertion loss of

3.9 dB. These losses can however be compensated by re-adjusting the gain of the

amplifier in the auxiliary path in the feedforward interference cancellation system,

thus no degradation in the system performance is going to take place due to that

loss.

• A test bench is setup to evaluate the performance of interference cancellation using

the new fabricated four-tap resonator. Two 10 MHz LTE modulated signals are used

to represent the desired received signal (-50 dBm) and the interferer (-20 dBm). The

power spectrum measurements show more than 45 dB cancellation for interferers

located at 20 and 15 MHz frequency separation from the receiver, while a 20 dB

rejection for the interferer located at 10 MHz away. The measured insertion loss

in the receiver band after interference cancellation is less than 5 dB. These losses

are caused by a number of factors, which are the losses of the voltage controlled

phase shifter and the large fixed delays lines in the main path of the feedforward

loop, in addition to the amplitude and phase mismatches between the two paths of

the feedforward loop. The results have also shown absolutely no degradation in the
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Table 4.3: Summary of the measured parameters and comparison

[29] [50] [32] This work
Filtering domain IF Digital Digital RF

Cancellation domain IF RF N/A RF
Frequency offset 20 MHz 21 MHz >60 MHz 20-10 MHz
Attenuation amp. 23- 26 dB 24 dB 18 dB 23 dB
Attenuation BW. <1 MHz 8 MHz 6 MHz 10 MHz
In-band losses < 1dB > 5 dB 2.8 dB > 5 dB

SIR improvement +17 dB +24 dB +15 dB +29.5 dB
P-1dB, IIP3 (dBm) -29.5, - <-30 dBm 6, >17 12.8, >25

noise figure at all measured frequencies which is a big advantage of employing RF

filtering and cancellation systems. Overall, the signal to interference ratio (SIR) is

improved by more than 29.5, 26.5 and 12 dB for interference at 20, 15 and 10 MHz.

4.8.2 Evaluation of the Results

A comparison is made between the results obtained in this chapter and three of the

interference cancellation techniques previously discussed in Chapter II. The three tech-

niques are the feedforward interference cancellation at intermediate frequency (IF) [29];

the hybrid RF-DSP interference cancellation [50]; and the N-path digital notch filtering

[32]. Table. 4.3 shows a summary for the results of the comparison. The results indicate

that the technique introduced in this chapter succeeded to perform a high rejection for

wide band interferers at smaller frequency offsets with acceptable insertion losses and

reasonable implementation complexity. It has provided the highest improvement in the

SIR level which is the main concern of this research. Unlike all other previous solutions,

RF feedforward interference cancellation has not altered the noise figure of the receiver,

which is another big advantage for the solution presented. Furthermore, a higher 1 dB

compression point is obtained, when compared to the previous solutions from the liter-

ature. This makes the system more capable of handling public safety interferers whose

power levels can reach the receiver with more than -15 dBm.
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4.8.3 Limitations

As the interference signal appears closer to the receiver, larger group delays will be re-

quired in the design of the band-stop resonator. Here, the implementation of these delays

uses true delay transmission lines whose length exceeds 2.0 m. The use of microstrip

meander lines and a high permittivity substrate have managed to reduce the dimensions

of the circuit down to 10 cm x 10 cm, which is still relatively large in size considering

the small cell application. Hence, the objective of the following chapter is to examine the

large delay properties of composite right left handed transmission lines in separating the

interferer from the receiver signal with the aim to reduce the size of the resonator.

4.8.4 Contributions

In this chapter, a new design method is introduced for constructing high selective band-

stop resonators using RF tapped delay lines, which enable separating two wide band

signals that are less than 20 MHz away from each other. A mathematical analysis is also

introduced on each of the parameters used to construct the resonator, in addition to an

optimization method for increasing the stop-band attenuation. The new resonators are

implemented and successfully tested as a separate component and after being impeded

in the feedforward cancellation system test bench. The test results achieved successful

cancellation for 10 MHz signals appearing at 20, 15 and 10 MHz away from the receiver

band.
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Chapter 5

CRLH-TL Model Based Resonator

for Interference Filtering

5.1 Introduction

This chapter studies the design of high selective band-stop resonators using artificial left-

handed transmission lines. As the propagating electromagnetic (EM) fields experience

a large time delay, a fast change in the phase characteristics is obtained. This implies

a fast switching in the amplitude response from a maximum to a minimum over a nar-

row frequency band. Accordingly, high selective band-stop resonators require the use

of large time delay elements. In the previous chapter, true time delay transmission lines

are employed in the design of high selective band-stop resonators. These lines provide

a constant large group delay, which is independent of the operating frequency. Knowing

that, band-stop resonators do not necessitate maintaining a large delay over an infinite

band of frequencies, more research is carried on other microwave structures, specifically

left-handed transmission lines, searching for an alternative design that can improve the

efficiency of band-stop resonators in terms of size and complexity. The alternative de-

sign must still provide a large group delay, while covering a sufficient frequency band of
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not more than 100 MHz. In fact, less than 100 MHz can also be sufficient, since it is

only required to cover the total bandwidth of the receiver (< 10 MHz), in addition to the

interfering signal (<10 MHz), and the frequency separation between the two, which is not

meant to exceed 25 MHz.

The chapter starts by describing a new observation on the behavior of the group delay

of left-handed transmission line circuit model at the Bragg cutoff frequency, given that the

model is constructed using a finite number of cells. The observation is explained in Sec-

tion 5.2 by applying circuit simulations using ideal RF components from Passive System

Library in ADS 2015. Section 5.3 presents the employment of the new theory in devel-

oping a new design for band-stop resonators using left-handed transmission line circuit

model. Three band-stop resonators are designed and simulated using different number

of cells corresponding to different roll-off rates and operating bandwidths. Furthermore,

tuning the center frequency of the stop band using variable capacitors, is explained at

the end of this section. Section 5.4 presents the microstrip implementation of the com-

posite right left-handed (CRLH) band-stop resonator. In addition, it demonstrates the full

EM simulation performed to combine the non-ideal effects of the RF circuit in order to

increase the accuracy of the results, while optimizing the circuit dimensions. Finally, Sec-

tion 5.5 demonstrates the feedforward interference cancellation system setup evaluating

the new CRLH-TL band-stop resonator. The setup is used for testing the cancellation of

interferers located at 20, 15 and 10 MHz away from the edge of the receiver band using

two-cell and three-cell CRLH band-stop resonators.

5.2 A New Observation on the Bragg Cutoff of Artificial LH

Transmission lines

Left-handed transmission lines, which are also known as metamaterials, are defined as

any transmission medium that can exhibit negative values for permittivity and permeabil-
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Figure 5.1: The equivalent circuit model of LH transmission line constructed using using
two cells, three cells and four cells.
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ity simultaneously over the same frequency range. This results in an inverse EM wave

propagation. Several studies were conducted on analyzing the behavior of the inverse

propagation of the EM-fields using artificial left-handed transmission line, which can be

seen as the lumped circuit model of metamaterials. Artificial left-handed transmission

line can be constructed from a cascade of series capacitors and shunt inductors [60].

Studies have also introduced the “Bragg Cutoff” term defined as the frequency at which

the left hand propagation mode starts to propagate [61]. The Bragg Cutoff is a function

of the equivalent series capacitance and shunt inductance used to construct the line cir-

cuit model as described in Eqn. 5.1. This definition is based on the assumption that the

number of cells used to implement the lumped circuit model for the line is infinite . In this

chapter, a new observation is made which points out that the Bragg Cutoff of artificial left

hand transmission lines constructed using a finite number of cells is no longer a function

of the lumped elements only, but also the number of cells.

fBragg =
1

4π
√

LC
(5.1)

5.2.1 Mathematical Analysis

In this section, a mathematical analysis is performed to analyze the effects of the number

of cells on the frequency response of artificial left-handed transmission lines. A two-cell

line is composed of two T-networks and two series capacitors, as shown in Fig. 5.2. The

equivalent characteristic impedance of a unit T-network can be given using Eqn. 5.2,

while the phase response of the same unit cell is defined in Eqn. 5.3 [63]. By cascading

two T-networks, the overall characteristic impedance remains the same and the phase is

doubled as illustrated in Fig. 5.3. In this case, the input impedance seen from one side

of the line (Zin
′
n=2) can be given using Eqn. 5.4, given that the line is terminated by a

load impedance ZL at one end. The two capacitors are then inserted at the terminals of

the line as shown in Fig. 5.3 and the total input impedance (Zinn=2) is calculated in Eqn.
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Figure 5.2: The decomposition of the two-cell artificial left-hand transmission line into two
T-networks and two series capacitors.
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n C L Zo Zc Yl ZL

2, 3, 4 3.0 pF 5.95 nH 50Ω
− j

2π fC
− j

2π f L 50Ω

Table 5.1: The parameters used in the mathematical analysis for the finite cell artificial
left-hand transmission line, where Zo is the characteristic impedance of the line, Zc is the
impedance of the capacitor and Yl is the admittance of the inductor.

5.5. The input reflection coefficient can also be computed using Eqn. 5.6. By plotting the

reflection coefficient in Matlab using the parameters in Table. 5.1, the effects of changing

the number of cells (n) can be noticed by looking at the 3 dB cutoff frequency on each

curve, as shown in Fig. 5.4.

Zunit =

√
Zc(Zc−

2
Yl
) (5.2)

φunit = 2sin−1( j

√
ZcYl

2
) (5.3)

Zin
′
n = Zunit

Zunit + jZLtan(nφunit)

ZL + jZunittan(nφunit)
(5.4)

Zinn = Zunit
Zunit + j(ZL +Zc)tan(nφunit)

(ZL +Zc)+ jZunittan(nφunit)
+Zc (5.5)

Γn =
Zinn−Zo

Zinn +Zo
(5.6)

The results of the mathematical analysis performed above have indicated a 3 dB cutoff

frequency of 626, 645, and 687 MHz for the two-cell, three-cell and the four-cell artificial

left-hand transmission lines, respectively.

This observation can also be noted by applying circuit simulations on the same three

artificial transmission lines: the two-cell line; the three-cell line and the four-cell line shown

in Fig. 5.1, while using the same values in Table 5.1. The Bragg Cutoff of the infinite line
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Figure 5.3: The transmission line equivalent circuit for the two T-networks.
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Figure 5.4: The matlab plots for the reflection coefficient of finite cell artificial left-hand
transmission lines, which is defined in Eqn. 5.6 and using the parameters in Table. 5.1.
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Figure 5.5: The simulated transmission S-parameter of the three circuit models of LH-TL
constructed using two cells, three cells and four cells.

is 595 MHz, which is calculated according to Eqn. 5.1. On the other hand, the simulations

results show different values for the cutoff frequency. The new cutoff frequencies match

those calculated above using Matlab. Fig. 5.5 shows the simulated S-parameters for

the three different lines in Fig. 5.1, which indicate that each of the three lines act as a

high pass filter whose 3 dB cutoff frequency can match the definition of the Bragg Cutoff.

According to the results, the three lines have formed three different high pass filters, with

different amplitude ripples in the pass band as well as different cutoff frequencies. This

is due to the variations in the Bragg Cutoff of the left hand propagation mode, as it is

shifted between 626 MHz, 645 MHz, and 687 MHz for the two-cell, three-cell and four-

cell transmission lines. As the number of cells increases, the Bragg Cutoff frequency

decreases until it reaches the value defined by Eqn. 5.1.

Moreover, the three transmission lines are terminated by a short circuit at one end

and the same S-parameters simulations are applied, while extracting the group delay of

the reflection coefficient. Fig. 5.6 shows the simulated group delays for the three lines,

which again demonstrates how the location of the group delay peaks varies as a result
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Figure 5.6: The simulated group delay of the reflection coefficient for the circuit model
of pure LH-T lines constructed using different number of cells, given that each circuit is
terminated by a short circuit at one end.

of the shifts in the Bragg Cutoff frequencies. Knowing that, the EM propagating fields

experience an anti-parallel phase and group velocities at the Bragg Cutoff of the line,

which allows it to convey energy leading to a significant rise in the group delay [61].

Furthermore, it can be noticed that the bandwidth of the region where the group delay

significantly rises decreases with the increase in the number of cells forming the line. This

is due to the increase in the amplitude of the pass band ripples, which rises significantly

with increasing the number of cells.

In this chapter, the significant rise in the group delay of the three artificial left-handed

transmission lines has become advantageous, since these small sections of lumped el-

ements can be used to replace the large true delay transmission lines in the band-stop

resonators designed in the previous chapter. Unlike true delay lines, artificial transmission

lines exhibit large group delays over a narrow frequency bandwidth, which are insufficient

to form the maxima and minima required to separate interfering signals from the receiver

band. According to the results in Fig. 5.6, group delays are larger than 10 ns over a 25

MHz bandwidth for the two-cell, and 20 MHz for the four-cell line.
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Figure 5.7: A diagram showing the mechanism of LH band-stop resonators.

Nevertheless, the separation of wide band interfering signals using artificial left-handed

transmission lines can still be made possible, as they can be seen as high pass filters,

whose pass and stop bands are separated by the Bragg Cutoff. In these lines, all fre-

quencies below the Bragg Cutoff are totally reflected, while the frequencies above the

Bragg Cutoff are transmitted through the line, but the transmission losses are very high

due to the large pass band ripples in the frequency response. After terminating the line

with a short circuit at one end, only a small fraction of the wave at frequencies above the

Bragg Cutoff is absorbed. In this case, the separation of the two signals can be very poor,

since the large pass band ripples can not be avoided.

The only way to improve the separation is to guarantee that frequencies above the

Bragg Cutoff are totally transmitted to the short circuit termination. In other words, these

frequencies are totally absorbed by the termination. This can be achieved by constructing
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two different length artificial transmission lines with a phase difference of 180 degree at

frequencies above the Bragg Cutoff. Upon splitting the RF signal equally on the two lines,

all frequencies below the Bragg Cutoff are reflected and all frequencies above the Bragg

Cutoff are cancelled, as illustrated in Fig. 5.7.

The phase difference can be obtained by increasing the number of cells in one of

the two lines, however increasing the number of cell will always alter the location of the

Brag Cutoff as mentioned earlier. This leads to a second condition, which states that

the two lines must exhibit the same Bragg Cutoff frequency. In this chapter, a new idea

is proposed for how to use artificial left-handed transmission lines while satisfying the

conditions above to successfully implement a band-stop resonator separating wide band

interference signals.

5.3 The Structure of the New LH Band-Stop Resonator

Similar to Multi-Tap Delays, the structure of the new LH band-stop resonator proposed in

this chapter is based on dividing the RF signal among two short terminated taps. Each tap

is designed to add a different phase shift as well as a different group delay. The two taps

are constructed using artificial left-handed transmission lines, whose series capacitance

and inductance are selected so that Bragg Cutoff matches the cut off frequency of the

resonator. The number of cells used to construct the artificial lines in each tap must be

selected so that the group delay in one tap is equal to double the group delay of the

other. This can be achieved by introducing double the number of cells of the first tap

to the second one. However, not only the number of cells is to be doubled up, but the

whole circuit used in the first tap must be duplicated twice in the second tap. In this case,

the second tap will have two identical capacitors in series at the middle of the circuit.

The reason for duplicating the circuit rather than doubling up the number of cells, is to

maintain the same Bragg Cutoff for the two taps, which is necessary to obtain a common
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Figure 5.8: The equivalent circuit model of the new band-stop resonator constructed
using two cells and their duplicates. All capacitors (C) are 3.0 pF, while inductors (L) are
5.95 nH.

stop band for the frequencies located below the Bragg Cutoff.

5.3.1 A Two-cell Band-Stop LH Resonator

Fig. 5.8 shows the proposed circuit structure of a two-cell band-stop resonator con-

structed using the same capacitance and inductance values in the previous section. It

consists of a Wilkinson RF power splitter or combiner, whose power split ratio K is equal to

1. The first tap is formed of a two-cell transmission line, while the second tap is formed of

a duplicated two-cell transmission line. The two-cell lines consists of three series capaci-

tors and two shunt inductors, and the duplicated two-cell consists of six series capacitors

and four shunt inductors. The LC network in the first tap starts and ends with a series

capacitor, so that it features the reciprocity of transmission line networks. Another form

for the circuit model of these resonators can be constructed using three shunt inductors

and two series capacitors in the first tap followed by their duplicates in the second tap. In

this case, an open circuit termination replaces the short termination at the end of each

tap, as shown in Fig. 5.9.
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Figure 5.9: Another form for the circuit model of the new band-stop resonator.

To prove that the two artificial lines in the two taps are now sharing the same Bragg

Cutoff, the transmission coefficients of the two lines are first simulated before placing the

short circuit terminations. Fig. 5.10 shows the simulation results for the transmission

coefficient, which indicate that the Bragg Cutoff of the two taps are less than 10 MHz

away, and the shared pass band between the two forms is more than 50 MHz.

The two taps are then terminated with a short circuit at the end, and both the mag-

nitude and the phase of the reflection coefficient at the input of each of the two taps are

simulated, as shown in Fig. 5.11. The results show a 0 dB reflection coefficient for both

taps, which indicate a total reflection for the signal at all frequencies. At the same time,

the two lines show a nearly equal response at all frequencies above the Bragg Cutoff,

then, the phase difference between the two lines has switched from 0 degree to a 180

degree at 706 MHz. Two more frequency points have also shown a phase difference of

180 degree between the two lines, which are 717 and 736 MHz, as shown in Fig. 5.11.

As mentioned earlier, a large variation in the group delay is always required to alter-

nate the phase by 180o over a narrow frequency band. By plotting the group delay of

the two shorted transmission line taps, it can be seen that large delay variations have

appeared between the two taps at frequencies higher than the Bragg Cutoff, except for
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Figure 5.10: The simulated S-parameters of the two branches of LH-T lines forming the
new band-stop resonator in Fig. 5.8.

two frequency points, which are 710 and 726 MHz, as shown in Fig. 5.12.

Fig. 5.13 shows the simulated phase and group delay difference between the two

taps. It can be noticed that the phase difference is maintained around 180o starting from

706 MHz and until 736 MHz. This 30 MHz bandwidth marks the stop band region of the

resonator. The group delay difference have also shown a significant rise from 0 up to

more than 45 ns in less than a 10 MHz bandwidth, which means that the resonator can

be used to separate two signals that are 10 MHz apart. Fig. 5.14 shows the simulation

results for the magnitude of the reflection coefficient seen at the input of the resonator

constructed using these two taps. The results show three transmission zeros appearing

in the frequency response of the resonator, which corresponds to the three out of phase

points in Fig. 5.11 and 5.13. The first two transmission zeros also refer to the positive

peak delay of the first tap and the negative peak delay of the second one indicated in Fig.

5.12. On the other hand, the two ripples appearing in the stop band are caused by the

intersection of the group delays of the two taps as also indicated in the same figure.
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Figure 5.11: The simulated amplitude and phase response of the two short terminated
taps forming the two-cell band-stop resonator in Fig. 5.8.
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Figure 5.12: The simulated group delay of the two short terminated taps forming the
two-cell band-stop resonator in Fig. 5.8.
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Figure 5.13: The simulated phase and group delay difference between the two short
terminated taps forming the two-cell band-stop resonator in Fig. 5.8.
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Figure 5.14: The simulated amplitude response or the reflection coefficient at the input of
the two-cell band-stop resonator in Fig. 5.8.
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(a) three-cell band-stop resonator

(b) four-cell band-stop resonator

Figure 5.15: The circuit model of three-cell (a) and four-cell (b) band-stop resonators,
given that all the inductors and capacitors are equal to 5.95 nH and 3.0 pF, respectively.

5.3.2 Three-cell and Four-cell Left-Hand Band-Stop Resonator

Here, the effect of increasing the number of cells on the frequency response of the band-

stop resonator is demonstrated. Increasing the number of cells in the two taps of the

resonator increases the difference in group delay between them, which is necessary to

increase the roll off rate. This increases the ability of the resonator to handle interferers

appearing at closer frequency separation from the receiver. Fig. 5.15 shows a three-cell

and a four-cell band-stop resonators constructed similar to the two-cell resonator above.

Fig. 5.16 shows the simulation results of the three band-stop resonators. The results
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Figure 5.16: Simulations for the magnitude of the reflection coefficient at the input of the
new band-stop resonators constructed using different number of cells.

are showing another important effect of increasing the number of cells, which is having

the gaps between the three transmission zeros as well as the bandwidth of the stop

band significantly reduced. This is due to the nature of the frequency response for the

group delay of artificial left-handed transmission lines in general. On the other hand, the

rejection roll off rate increases significantly. A further increase in the number of cells can

result in eliminating two transmission zeros, and only one notch is created. The reason is

the cutoff frequency of each tap starts to converge back to the theoretical Bragg Cutoff,

which is previously defined for an infinite number of cells.

5.3.3 Tunable Left-Hand Band-Stop Resonator

As the LTE standard features carrier aggregation, which adopt flexible channel band-

widths between 1.4 MHz and 20 MHz, the location of the interferer as well the wanted

received signal can vary. In this case, tuning the stop band of the resonator used to sep-

arate these two signals becomes essential. An interesting fact about the new design of

band-stop resonators, proposed in this chapter, is that the cutoff frequency can be easily
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Figure 5.17: The structure of a varactor tuned two-cell CRLH band-stop resonator. L=
6.75 nH and C= 3.0 pF.

tuned by varying either the series capacitance or shunt inductance of the circuit. Volt-

age controlled capacitors (known as varactors) can be used to tune the shunt inductance

of the resonator, as illustrated in Fig. 5.17. Varactors with low capacitance values can

alter the rejection of the resonator, however increasing the shunt inductance can elim-

inate these effects. The tuning performance can be tested by carrying simulations for

the amplitude response of the band-stop resonator after placing a varactor whose vari-

able capacitance (VC) is set between 20 pF and 80 pF. After placing the varactor in the

schematic, the shunt inductance is slightly increased from 5.95 nH to 6.75 nH to readjust

the level of the stop-band ripples. Fig. 5.18 shows the simulation results with a 100 MHz

tuning range for the cutoff frequency. Tuning the new band-stop resonator over larger

bandwidths is not recommended, since it can result in raising the level of the stop band

ripples to above -20 dB.
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Figure 5.18: Simulations results for tuning the band-stop resonator with VC values be-
tween 20 and 80 pF.

5.4 Microstrip Implementation of CRLH Band-stop Resonators

Pure left-handed transmission lines can not be practically implemented using Microstrip

technology, since they require extra sections of right handed transmission lines to con-

nect the series capacitors and shunt inductors. These extra sections create what is known

as composite right left-handed transmission lines (CRLH-TL) [62]. These sections intro-

duce extra parasitic capacitances and inductances altering the behavior of the left-handed

fields. Their effect can be avoided by increasing both the series capacitance and shunt

inductance of the left-handed line [62].

All series capacitors are replaced by lumped elements, whereas the shunt inductors

are realized using 50Ω short circuited stubs. The stubs are terminated by solid ground

vias. The RF circuit design tool in Agilent ADS is used to build the Microstrip layout of the

power divider, whose output ports are also connected to the left-handed lines. Standard

FR4 dielectric material is selected with a thickness of 1.6 mm. The dimension of the short

circuited stubs are determined by applying the following steps:

1- Choose a random value for the length of the transmission line stub (L).
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Figure 5.19: The comparison performed to determine the equivalent stub length for a
shunt inductor.

2- Add the 0.5 mm sections which are used to connect the series capacitors on both

sides of the line, as shown in Fig. 5.19-a.

3- Run the simulations for the phase and amplitude of the transmission coefficient for

each of the two networks in Fig. 5.19.

4- Compare the results and tune the length of the stub until it matches that of the

lumped element.

Fig. 5.20 shows the layout of the two-cell microstrip resonator. The 0.5 mm gap

between the stubs as well as the 0.5 mm extra transmission line sections are selected to

match the 0402 footprints of the lumped capacitor. The dimensions of the pad placed at

the via termination is selected such that the total length of the transmission line sections

used in the first tap is doubled in the second tap.

After that, the board layout is exported from ADS to CST Microwave design tools,

where full electromagnetic wave simulation is carried out in order to verify the design. The

fabrication of the microstrip circuit and the assembly of the vias should be done carefully,

since the frequency response of these resonators is very sensitive to any variations in the

shunt inductance even though they operate at low frequencies. Fig.5.21 shows pictures of

the fabricated microstrip two-cell and three-cell band-stop resonators. The S-parameters

of the two circuits are measured using the Vector Network Analyzer. Fig. 5.22 shows the
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Figure 5.20: The comparison performed to determine the equivalent stub length for a
shunt inductor.
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(a) two-cell CRLH band-stop resonator (50 mm x 60 mm)

(b) three-cell CRLH band-stop resonator (60 mm x 65 mm)

Figure 5.21: The new fabricated Microstrip CRLH band-stop resonators.
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Figure 5.22: The measured input reflection coefficient of the two Microstrip CRLH band-
stop resonators fabricated with different number of cells.

measured results, which indicate a good agreement with the circuit simulations conducted

above. Measurements of the two-cell resonator show three transmission zeros with more

than 25 dB rejection and less than 2 dB insertion loss at 20 MHz away from the receiver

band. This points to a 1.14 dB per MHz roll off rate. On the other hand, the measured

three-cell resonator shows 30 dB rejection with 1.41 dB per MHz roll off rate.

By comparing the physical dimensions of the new band-stop resonators with those

designed in the previous chapter, it is seen that the new design has significantly reduced

the size by more than 66%, which can be seen as a big advantage for the new design in

this chapter. Unlike the band-stop resonators designed in Chapter IV, the new design is

very sensitive to any slight changes in either the series capacitance or shunt inductances.

Thus, the microstrip realization, layout preparation and the fabrication process must be

all done carefully.
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Figure 5.23: The feedforward interference cancellation system setup using the new fabri-
cated CRLH band-stop resonators.

5.5 Interference Cancellation using the New CRLH Band-Stop

Resonators

5.5.1 Test Bench Setup

The diagram in Fig. 5.23 shows the test setup used to test the interference cancellation

using the new CRLH band-stop resonators. The setup used here is very similar to the

test setup presented in the previous chapter, however, the fixed delay component is re-

moved, as it is no longer needed. In the previous setup, the fixed delay component is

used to compensate for the constant large group delay introduced by the multi-tap delay

resonators, which is not the case anymore with the new CRLH resonators. This can be

seen as another big advantage for the new resonator. Here, the feedforward interference

cancellation system again consists of two paths: the main path; and the auxiliary path.
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Figure 5.24: The measured transmission S-parameters between the input of the 20 dB
bi-directional coupler, and the two inputs of the rat-race ring coupler: path (1); and path
(2).

The main path (path 1) represents the output of the phase shifter, while the auxiliary path

(path 2) is at the output of the fixed gain amplifier. The phase shifter is adjusted to match

the phase of the signals in the two paths at 680 MHz, which is the frequency location of

the interferer located at 20 MHz away from the edge of the receiver band (10 MHz band-

width centered at 698 MHz). Fig. 5.24 shows the measured transmission S-parameters

for the two paths, which are measured between the input of the bi-directional coupler and

the differential inputs of the Rat-Race Ring coupler.

5.5.2 Test Cases and Results

Two LTE modulated signals are generated to represent both the desired received signal

and the interferer. Each of the two signals occupies a bandwidth of 10 MHz. In the first

test case, the center frequency of the interferer is set to be located at 20 MHz away from

the edge of the desired signal, and the two signals are injected with equal average peak
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Figure 5.25: Test case 1 power spectrum measurements for the interferer and the wanted
received signal before and after interference cancellation.

power ('40 dBm). The spectrum is measured once at the output of the signal generator,

and another time at the output of the Rat-Race-Ring coupler. Fig. 5.25 shows the mea-

sured power spectrum before and after interference cancellation. Measurement results

show a maximum of 34 dB cancellation at the center frequency of the interferer, while

more than 20 dB are obtained across the whole bandwidth of the interfering signal. Fur-

thermore, the results have shown a reduction in the noise level in the band surrounding

the wanted receiver signal. Overall, this cancellation technique has improved the SIR

level by 22.5 dB.

In the second test case, the interferer is set to occupy higher power of approximately

30 dB, when compared to the receiver signal level. The measurements are repeated,

without adjusting any of the setup components including the phase shifter and amplifier.

Fig. 5.26 shows the power spectrum measurements for the signals before and after

cancellation, which indicates no degradation in the cancellation performance obtained

in the previous case. Leading to the conclusion that, this cancellation technique can

handle interferers with any power levels, where no tuning is required for the RF hardware.
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Figure 5.26: Test case 2 power spectrum measurements for the interferer and the wanted
received signal before and after interference cancellation.

This can be listed as another advantage over other base band interference cancellation

methods.

In test cases 3 and 4, the two signals hold the same power level, but the separation

between them is now reduced down to 15 MHz, followed by 10 MHz. This time, the

two-cell band-stop resonator is replaced by the three-cell resonator in Fig.5.21 -b. Power

spectrum measurements are again recorded for each of the two cases before and after

interference cancellation, as shown in Fig. 5.28 and 5.28. Measurement results of the

third test case show more than 45 dB cancellation at the center frequency of the interferer,

and 25 dB cancellation on the 10 MHz band. In addition, the noise level in the upper side

and lower side band of the receiver is reduced by approximately 10 dB and 5 dB, respec-

tively. Measurement results of the fourth test case in Fig. 5.28 show 35 dB cancellation

at the center frequency of the interferer and a minimum of 20 dB over the whole band of

the signal. Similarly, the noise, which is previously introduced by the interferer on both

the upper and lower side bands of the wanted signal, is eliminated. Most importantly, the

SIR levels have improved by 26.5 dB and 20.5 dB for the interferers located at 15 and 10
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Figure 5.27: Test case 3 power spectrum measurements for the interferer and the desired
received signal before and after interference cancellation.

Table 5.2: A performance comparison between the Multi-Tap Delay resonator and the
CRLH-TL resonators.

Multi-Tap Delay Resonator CRLH_TL Resonator
Board size 135 x 225 mm2 60 x 65 mm2

PCB material (εr) Expensive Ceramic material (10) Standard FR4 (4.3)
Rejection 30 dB 25 dB- 30 dB

Insertion loss 3.9 at 20 MHz offset 2 dB at 20 MHz offset

MHz away from the edge of the wanted signal, respectively.

According to the power spectrum measurements in the four cases, the insertion loss

introduced to the receiver signal on average is not more than 3 dB. The same degree of

losses is seen in the main path measurements in Fig. 5.24. Knowing that the insertion

loss in the Microstrip band-stop resonator itself is less than 1.2 dB only, more than 1.5

dB loss can be further reduced by replacing the voltage controlled phase shifter, which is

going to be the topic of the next chapter (Chapter VI).
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Figure 5.28: Test case 4 power spectrum measurements for the interferer and the desired
received signal before and after interference cancellation.

5.6 Conclusion

This chapter introduced a new design for band-stop resonators employing composite

right-left-handed transmission line structures. The new resonator represents a more ef-

ficient alternative for the Multi-tap delay resonators discussed in the previous chapter.

Since it replaces the large meander delay lines with artificial left-handed transmission

lines, constructed using a finite number of cells, it offers much smaller circuit dimensions,

in addition to less fabrication costs and complexity. Furthermore, the new resonator

shows the same frequency selectivity offered by the large delay lines with much lower

pass band losses, as the cut off frequency of the band-stop resonator is designed near

the Bragg Cutoff of the left hand propagation mode.

5.6.1 Summary of the Results

Two Microstrip CRLH band-stop circuits are designed, fabricated and measured using

two-cell and three-cell of lumped capacitors and short circuited stubs.
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• Measurements of the two-cell resonator show three transmission zeros with more

than 24.8 dB rejection and less than 2.1 dB insertion loss at 20 MHz away from the

receiver band. This points to a 1.14 dB per MHz roll off rate.

• Measurements of the three-cell resonator show three transmission zeros with more

than 30 dB rejection and less than 1.8 dB insertion loss at 20 MHz away from the

receiver band, which indicates more than 1.41 dB per MHz roll off rate.

The feedforward cancellation system is again tested using the new band-stop resonator

presented in this chapter. Four test cases are defined where the interferer is located at

different locations away from the receiver edge, and at different power levels.

• In the first test case, the interference signal is located at 20 MHz away from the

receiver band. And the test results show more than 34 dB rejection with less than 3

dB losses introduced in the band of the wanted signal. Most importantly, the SIR is

improved by more than 22.5 dB.

• In the second test case, the power level of the interference signal is increased by

30 dB. Measurements show the same performance is obtained in terms of interfer-

ence signal rejection and SIR level improvements, which proves that this cancella-

tion technique is able to handle interferers with any power levels with no hardware

tuning.

• In the third and the fourth test case, the interference signal is brought closer to the

edge of the band. And the test results show more than 45 dB and 35 dB rejection

for interferers located at 15 MHz, and 10 MHz away from the receiver edge, respec-

tively. Furthermore, the improvements in the SIR increased to reach 26.5 dB and

20.5 dB for the two cases.
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5.6.2 Evaluation of the Results

Table. 5.2 shows a performance comparison between the new band-stop resonator de-

signed in this chapter and the Multi-Tap Delay resonator introduced in Chapter IV.

5.6.3 Limitations

The limitations of the CRLH-TL resonator appear only at high frequency applications (e.g.

> 5 GHz), where high frequency lumped capacitors are abandoned. At high frequencies,

the wave length becomes shorter than the physical dimensions of the lumped compo-

nent. This introduces additional phase changes and the lumped circuit model becomes

inaccurate. Multilayer PCB technology can be used to implement the high capacitance

required for the design of the CRLH signal taps.

The following chapter introduces the design of controlled phase shifters using RF

switched MEMS devices. The phase shifters are designed to improve the linearity of the

interference cancellation system, which can minimize the level of distortion at the receiver

band. Furthermore, it can reduce the losses added by the JSPHS-1000+ voltage control

phase shifter.

5.6.4 Contributions

In this chapter, a second design methodology for band-stop resonators is introduced of-

fering many advantages over the design presented in the previous chapter. The new res-

onators are developed based on a new observation of the behavior of artificial left-handed

transmission lines. This observation is carefully analyzed using circuit simulations. It is

also proven mathematically using the transmission line equivalent circuit of T networks.

The author believes that this new design is based on a simple but very interesting and

novel idea. The new design has dramatically reduced the circuit size of the resonator

used in the previous chapter by more than 66 %, and the authors believed that the size
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can be further reduced after eliminating the matching sections in the power dividers. The

new resonators have shown a very high roll-off rate that enables the separation of two

close wide band signals. The resonators are implemented, tested and employed in the

interference cancellation test bench. The test results have shown successful cancellation

for interferers located at 20, 15 and 10 MHz. It is believed that by increasing the number

of cells in the design of these resonators, interference signals at even smaller frequency

offsets can be handled.
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Chapter 6

MEMS Phase Shifters for High

Accuracy Signal Cancellation

6.1 Introduction

Phase linearity is a critical parameter, as well as a major challenge, in the design of mi-

crowave phase shifters. In this thesis, controlled phase shifters are required for matching

the RF signals in both the main and the auxiliary paths of the feedforward interference

cancellation system. For successful interference cancellation, the phase shifters must be

characterized by low frequency dispersion on both the phase and the amplitude. The fre-

quency dispersion is controlled by the phase linearity characteristic of the phase shifter.

Passive phase shifters tend to have a substantially higher phase linearity when com-

pared to active devices. In this chapter, a new passive switched delay line phase shifter

is designed to replace the JSPHS-1000+ active phase shifter, used in the feedforward in-

terference cancellation system in the previous chapters. The objective of the new design

is to improve the phase and amplitude deviation to reach a maximum of 1o and 0.1 dB,

respectively over 50-100 MHz frequency bandwidth.

The new phase shifter is designed using RF micro-electromechanical systems (MEMS)
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switches. RF MEMS switches have been employed as an alternative technology for PIN

diodes and FET transistors in many wide band applications, for offering a higher perfor-

mance [64].

RF MEMS devices with integrated switching driver are selected for their fast switching

response, low losses and many other advantages. Section 6.2 presents the character-

istics and advantages of the RF MEMS device used in this chapter. Section 6.3 studies

the phase linearity of different microwave structures that can be used for constructing the

RF interface of the MEMS device as well as the meander delay lines of the phase states.

Section 6.4 studies and compares two different topologies for building the phase shifter

circuit, which are known as “Reflective” and “Non-Reflective”. Section 6.5 presents the

design procedures of a small-step and a large-step phase shifter, which are designed

using the selected microwave structure for the device integration from Section 6.3 and

the selected topology from Section 6.4. In addition, full electromagnetic simulation are

applied on the two phase shifters. Section 6.6 shows the fabrication and measurements

of all the performance parameters including the phase curves, the amplitude losses, the

RMS phase and amplitude deviation. Furthermore, a linearity test is conducted, followed

by a performance comparison with OMRON Phase Shifters.

6.2 Characterization of the ADG MEMS Device

A new MEMS switch has been designed by Analog Devices Inc. offering many advan-

tages over other MEMS devices [65]. It is a very low loss packaged MEMS switch which

operates over a very wide band starting from low frequencies near DC up to 14 GHz.

ADG1904 is the part number for the single-pole-four-throw (SP4T) device used in this

work, thus it is referred to as ADG MEMS device. This device is enclosed in a 24-lead 5

mm x 4 mm x 0.95 mm package whose pin configuration is shown in Fig. 6.1. It consists

of four RF input ports, which are RF1, RF2, RF3, RF4, and one RF common output port,
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Figure 6.1: The land pattern for SP4T ADG MEMS Switch (ADG1904)

whose pin is referred to as RFC. Each RF port uses three pins, a signal pin surrounded

by two ground pins (RFGND). All the RF ports are matched to a system impedance of 50

Ω, which facilitate the integration of these devices. The switching functions are controlled

via four digital inputs (IN1, IN2, IN3 and IN4), whose ON and OFF voltage states are

equal to 3 V and 0 V, respectively. Only one digital input can be turned on at a time since

it controls the state of the connection between one of the RF inputs and the RF common

port (RFC). For example, RF1 port is activated when IN1 is turned ON and all other digital

inputs are OFF.

Like other metal-based devices, a high driving voltage of about 80 V is required to

actuate the device, however the ADG MEMS device here needs a 3 V signal only, since it

incorporates a boost circuitry generating the 80 V via a charge pump capacitor at the VCP

pin. A 3 V supply is also connected to the VDD pin. A schematic for a typical operating

circuit for the device is shown in Fig. 6.2.
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Figure 6.2: A schematic for the DC connections required for operating the ADG MEMS
switching device.

The ADG MEMS device is also characterized by a very low ohmic resistance (=1 Ω)

resulting in a maximum insertion loss of about 3 dB at 11 GHz, respectively. It also offers

more than 25 dB isolation between the RF ports and less than -35 dB crosstalk. These

data are collected using the device evaluation board in Fig. 6.3, which consists of three

parts: a reference line; the DC control circuit; and the RF inputs/outputs transmission

lines. The reference line is used to characterize both the amplitude and phase response

of the device. This can be achieved by comparing the measurements of the four switching

states to the reference line, whose length is set to be equal to the combined length of the

output and input RF transmission lines/tracks.

The S-parameters of the five RF ports are measured to determine the phase shifts

encountered by the signal at each of the four switching states. The phase shifts are later

used in the design of the phase shifter to compensate for having more devices in some
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Figure 6.3: An evaluation board for one ADG MEMS device.

Switching state RF1 RF2 RF3 RF4
S21 (dB) -0.2 -0.14 -0.21 -0.14
S11 (dB) -29.8 -28.3 -28.8 -30.5

∠S21 (deg) −18.8o −18o −18.2o −18.7o

Table 6.1: The measured S-parameters for the ADG MEMS device

phase state when compared to others. Other parameters provide a rough estimate for

the amplitude losses of the phase shifter to be designed. Table. 6.1 lists the measured

S-parameters of the device at 900 MHz. In addition, the measurements show greater

than 25 dB isolation between the RF ports and < -35 dB crosstalk.

Furthermore, ADG features high power handling capabilities which makes this device

suitable for cellular applications. A linearity test was conducted and resulted in a minimum

IP3 of 67 dBm with a maximum input power of 36 dBm. This device is also characterized

by a fast switching response (5 microsecond) as well as high reliability with a typical life

time of 10 billion cycles [65].
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Laminate Type Rogers 6010 Rogers 4003
Permittivity (εr) 10.7 3.55

Thickness 1.9 mm 0.2 mm
Effective Permittivity (εe f f ) 5.8 2.7

Dielectric loss (αd) 1.4 dB/m 0.45 dB/m

Table 6.2: The specifications of the two substrates selected to design the RF interface of
the ADG MEMS devices.

6.3 ADG MEMS RF Interface and Meander Delay Lines

The ADG MEMS device has a large number of pins underneath the package which need

to be connected to several transmission lines. Thus care has to be taken when integrating

the device on a printed circuit board. A coplanar waveguide transmission (CPW) line type

is selected for the design of the RF interface of the device as it matches the arrangement

of the RF pins, which requires two RF ground connections surrounding the RF signal.

Two different substrates can be used to realize a 50 Ω impedance CPW line with the

dimensions matching the device pin separation. Table 6.2 shows the specifications of the

two substrates: Rogers 6010; and Rogers 4003.

There are different CPW structures that can be used to construct the RF tracks as

well as the meander delay lines for the ADG MEMS-based phase shifter. Here, three

different prototypes are presented, studied and their phase linearity characteristic evalu-

ated by applying full wave simulations. The first prototype uses conventional CPW lines

at the interface of the device and microstrip transmission lines for the meander delays.

The second prototype uses conventional CPW for both, while the third prototype uses

grounded coplanar waveguide (GCPW) structures, as shown in Fig. 6.4 and 6.5.
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Figure 6.4: A side view for the structure of conventional and grounded CPW transmission
lines.

Air-bridges

Figure 6.5: The structure for the RF tracks together with the meander delay lines. a) pro-
totype 1: micro strip meander delay lines, b) prototype 2: conventional coplanar waveg-
uide with airbridges, c) prototype 3: grounded coplanar waveguide with vias.

6.3.1 Prototype 1: Microstrip Meander Delay Lines

Meander delay lines are commonly designed using Microstrip line (MSL) structures for of-

fering higher robustness to the excitation of undesired parasitic modes resulting from line

bending. Another advantage, meander MSL usually occupy less space when compared
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to other microwave structures. In this prototype, a transition is required to connect the

MSL meander lines to the CPW lines at the interface of the switch. As introduced earlier

by Chen et. al. [66], CPW to MSL transitions can be designed by extending the lower

ground of the MSL line underneath the CPW line, and placing two solid vias to connect

the upper ground of the CPW lines with the lower ground of the MSL line. CPW to MSL

transition proved to deliver a good wide-band performance with low insertion and return

losses [66]. However, the effect of CPW to MSL transition on phase linearity was never

mentioned. For the consideration of this work, poor phase linearity can hugely degrade

the signal cancellation performance causing large deviations in the group delay. Fig. 6.6

shows the structure of the device interface with the CPW to MSL transition. High permit-

tivity Rogers 6010 material is used in order to realize a 50 Ω conventional CPW whose

dimensions matches those described in the footprints of the ADG MEMS device. The

phase linearity of this prototype is tested in Section 6.3.4.
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Figure 6.6: The structure for the RF tracks together with the meander delay lines in
prototype 1 using the CPW to MSL transition, whose dimensions are all listed in mm.

6.3.2 Prototype 2: Conventional Coplanar Waveguide with AirBridges

The second prototype uses conventional CPW lines to construct both the interface of the

device and the meander delay lines. In this case, no transitions are required which is an

advantage over the first prototype.

Since more than one switches is needed and the integration of chips requires a large

number of transmission lines with lots of bending, discontinuities of the center conductor

and asymmetries between the two finite ground planes. Therefore, the effects of the

CPW higher modes should be considered. For example, consider a 90 degree cpw, the

wave propagating in the outer slot will experience a phase shift for taking a longer path
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Figure 6.7: Un-equal potential in conventional coplanar waveguide 90 degree bend.

compared to the one in the inner slot as shown in Fig. 6.7. This extra phase difference

leads to having a potential difference between the two ground planes, thus the slot line

mode is excited and coupled to the cpw mode. Also, if there is asymmetry between the

two nite ground planes of a CPW line, further modes can be excited which are the c-

mode (cpline-like mode) and pi mode (slotline-like mode). All these modes will result in

an undesired resonance in the response of the whole circuit [67].

An air-bridge is a wire connection which is used to connect the two upper ground

planes of CPW lines on the top of the substrate (in the air). Air-bridges are used in CPW

discontinuities to maintain a zero potential difference between the ground planes. At

high frequency, the potential of the ground planes varies through the line and connecting

the two grounds at a certain point in the line with a small bonding wire will equalize the

potential between the ground planes only at this point. Thus its required to place the air

bridges at every bending or discontinuity in the line. If there is an asymmetry between

the two finite ground planes, these unequal potentials will persist through the whole line.

In this case, more bonding wires need to be placed or one large air bridge to cover the

whole line. Small air bridges placed with regular intervals can result in a standing wave

mode between each two corresponding air bridges which degrades the performance,

while using one large air bridge will result in increasing the shunt capacitance which
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again leads to undesired reflections of the transmitted signal increasing the transmission

losses. If a large air bridge is required, the capacitance of the air bridges must be reduced

and this can be done by adjusting the height of the bridge. A very high air bridge will

add a lower shunt capacitance to the line but more modes are also excited at higher

frequencies causing more resonances. The height has to be optimized for reducing the

parasitic losses without exciting higher modes. Wire airbridges are designed such that

the parasitic capacitances added by the wires are minimum. In this design, copper wire

airbridges with 0.1 mm radius are placed at 2 mm above the surface of the board, and

Fig. 6.8 shows the structure of the device interface with the meander lines used in this

prototype. The phase linearity of this prototype is tested and compared to other solutions

in Section 6.3.4.

S1 S1

0.7 mm 0.3 mm air bridges

Figure 6.8: The structure for the RF tracks together with the meander delay lines in
prototype 2.
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6.3.3 Prototype 3: Grounded Coplanar Waveguide with Vias

Figure 6.9: Propagating modes in grounded coplanar waveguide structures (GCPW).

In the third prototype, finite grounded coplanar waveguides (GCPW) are used instead

of conventional CPW. GCPW lines also suffer from undesired propagating higher modes

for having multiple ground layers. Unlike CPW, the higher modes in GCPW are not only

generated at the line bends. In fact, unequal potential between the upper and lower

ground layers can occur at any part of the line due to the excitation of either parallel

plates mode or micro strip line mode as shown in Fig. 6.9 [68]. As a result, solid vias

need to be inserted along the line connecting both left and right upper ground planes to

the common ground under the substrate. The separation between the vias should not

exceed one tenth of the guided wavelength at the highest frequency of operation. Thin

layer substrates are recommended to reduce the parasitic inductance of the vias and

therefore Rogers 4003 makes a better candidate. Multilayer substrates can further assist

the vias to suppress the parallel plate modes.

6.3.4 Phase Linearity Test for the three Prototypes

Three different meander delay lines are designed with equal electrical length to provide a

fixed group delay of 600 ps. The first two lines are constructed by applying the structures
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Figure 6.10: A comparison between the simulated group delays for the three proposed
prototypes

in Prototype 1 and 2 using a single layer substrate of Rogers6010. The third line uses

the GCPW prototype 3 with a stacked substrate layers of Rogers4003 and standard FR4

(thickness= 0.94 mm). The three lines are simulated using the transient solver in CST

Microwave Studio. Fig. 6.10 shows the simulation results for the group delay, which indi-

cates a minimum delay deviations (τdeviation) of only ±4 ps (±1%) for the GCPW prototype,

while a maximum deviation in the group delay of ±63 ps (±10.5%) occurs in Prototype 1

over the same frequency bandwidth. Table. 6.3 shows a comparison between the three

prototypes including a summary of the simulation results up to 2.7 GHz. Prototype 3

has shown the minimum group delay deviation which is only 0.67% when compared to

the other two designs. This indicates that finite grounded CPW structures provide higher

phase linearity for the propagating fields and makes a better candidate for constructing

the phase shifter circuits.
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Table 6.3: A comparison between the simulation results of the three proposed prototypes

Prototype1 Prototype2 Prototype3
ADG MEMS tracks CPW CPW GCPW
meander lines MSL CPW+ airbridges GCPW+ vias
substrate Single subs. Single subs. Multilayer
insertion loss <0.8 dB < 1 dB < 0.28 dB
τdeviation ±63 ps (10%) ±7 ps (1.16%) ±4 ps (0.67%)

6.4 Reflective and Non-Reflective ADG MEMS Phase Shifter

Topologies

As mentioned earlier, the structure of the phase shifter presented in this chapter is based

on true delay lines. The ADG MEMS device is used to switch between delay lines with

different lengths creating different paths for the RF signal and thus the phase is adjusted

based on the propagation path length. Two different topologies can be used to switch

between these lines, which are referred to as “Reflective” and “Non-Reflective”. Fig. 6.11

and Fig. 6.12 show examples of the two topologies. In Reflective topology, the RF in-

put ports of each switch are connected to short circuited stubs with different lengths.

Stubs can always offer a smaller size for realizing large delays or phase shifts, which is

a big advantage for Reflective topology over Non-Reflective. The design of short and

open GCPW stubs was introduced earlier with optimized insertion and return loss char-

acteristics over a wide range of frequencies in [69]. However, fabrication tolerances in

the practical realization of these structures using printed circuit boards might still alter

their performance. Hence, a mathematical analysis is conducted to study the effect of

impedance mismatches due to fabrication tolerances on the phase linearity of GCPW

stubs and compare them to GCPW loaded transmission lines.
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Figure 6.11: An example of Reflective topology using 3 ADG MEMS switches to create
10 phase states.

Figure 6.12: An example of Reflective topology using 2 ADG MEMS switches to create 4
phase states.
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(a)

(b)

Figure 6.13: a: short circuited stub, b: loaded transmission line.

6.4.1 Mathematical Analysis of Phase Sensitivity of Reflective and Non Re-

flective Topologies

Consider a lossless transmission line terminated by a short circuit load (ZL = 0) as shown

in Fig. 6.13-a. The input impedance and reflection coefficient seen from the source can

be expressed using Eqn. 6.1 and Eqn. 6.2, respectively, based on the transmission line

theory in [70]. In this case, the phase of the reflection coefficient is characterized by a

perfect linear response at any frequency as seen in Eqn. 6.3. If the impedance of the

line is slightly shifted from the source impedance such that Zo
Zs

= δ , the magnitude and

the phase of the reflection coefficient can be modified as in Eqn. 6.4 and Eqn. 6.5,

respectively. By comparing Eqn. 6.3 and Eqn. 6.5 the condition of obtaining a linear

phase response in a short loaded stub is δ 2 = 1. Similarly, this condition also applies if

the transmission line is terminated by an open circuit.

Zin = jZotan(β l) (6.1)
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Γ =
tan2(β l)−1+2 jtan(β l)

1+ tan2(β l)
(6.2)

Γph = tan−1(
2sin(β l)cos(β l)

sin2(β l)− cos2(β l)
) =−2β l (6.3)

Γ =
Z2

o1tan2(β l)−Z2
o +2 jZoZo1tan(β l)

Z2
o +Z2

o1tan2(β l)
(6.4)

Γph = tan−1(
2δ sin(β l)cos(β l)

δ 2sin2(β l)− cos2(β l)
) (6.5)

where β is the propagation constant and l is the length of the transmission line.

Now, consider a lossless transmission line terminated with a load impedance ZL as

shown in Fig. 6.13b. If ZL is perfectly matched to the impedance of the source (Zs), while

the line impedance (Zo) is slightly shifted with the same impedance mismatch δ , then the

magnitude and phase of the transmission coefficient (T21) from the source to the load can

be expressed using Eqn. 6.6 and Eqn. 6.7, respectively. In this case, a linear phase

response for the wave propagating from the source to the load is only obtained under the

condition of 2
δ+ 1

δ

= 1, as seen in Eqn. 6.8.

T =
(Z2

o +Z2
s )tan2(β l)+2 jZsZotan(β l)

1
(Z2

o−Z2
s )
(4Z2

oZ2
s − (Z2

o +Z2
s )

2tan2(β l))
(6.6)

Tph = tan−1(
2ZsZo

(Z2
o +Z2

s )tan(β l)
) (6.7)

Tph = tan−1(
2cot(β l)

δ + 1
δ

) (6.8)

By comparing the phase linearity conditions of the two different scenarios for the same

impedance mismatch δ , it can be seen that the value of δ will always have a larger effect
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on short and open terminated stubs when compared to the loaded transmission lines.

For example, a 5 % impedance mismatch (δ= 0.95) implies a value of δ 2 = 0.9025 and

2
δ+ 1

δ

= 0.9986 for the short/open stubs and loaded lines, respectively. This makes the

phase linearity of stubs much more sensitive to impedance mismatches when compared

to loaded lines.

6.4.2 Verification Test

To verify the results obtained by the above mathematical analysis, a GCPW shunt stub

and transmission line are designed with the dimensions matching a 50Ω system impedance.

They use a conducting material of annealed copper (conductivity= 5.813x E7 S/m, sur-

face roughness= 3.4µm, and thickness= 33.02µm), and Rogers 4003 substrate (εr = 3.55,

loss tangent= 0.0027, and thickness= 0.203 mm). The width of the signal line is 0.42 mm,

and the gap between the upper ground and the signal line is only 0.3mm. The lengths

are designed such that both lines deliver the same group delay with 400 ps (τ) over a

frequency range from 0.1 GHz up to 5 GHz. The length (l) of the transmission line is

calculated using Eqn. 6.9.

l = vphase · τ = c
τ
√

εe f f
(6.9)

where vph is the phase velocity of the corresponding medium and εe f f = 2.726 is the

effective dielectric constant [70].

Consider a 72.6 mm long GCPW transmission line whose signal line width is accom-

panied by a small error (w= 0.42±∆mm), where ∆ can be used as a reference for possible

fabrication tolerances. Applying the transmission line circuit model simulations in ADS

using different values of ∆ results in slightly different group delays curves shown in Fig.

6.14, which indicates a maximum time deviation of ±0.4 ps and ±3 ps for 1.6% and 8.5%

impedance mismatch (δ= 0.984 and δ=0.915), respectively. Repeating the simulations
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for a 36.3 mm GCPW short stub results in a larger time deviation of ±6 ps and ±29.5 ps

for the same impedance mismatch values, as seen in Fig. 6.15.
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Figure 6.14: Simulated time delay of GCPW transmission line at different line width

Without any impedance mismatches (∆= 0), fixed dimensions are set for the two lines

and electromagnetic simulations are applied using discrete port excitation as seen in Fig.

6.16. Fig. 6.17 shows a comparison between the simulated group delay for the wave

reflected from the short stub together with the delay of the wave transmitted through

the line. The results indicates a larger time deviation for the stub reaching ±15 ps at 2

GHz, and is further increased to ±30 ps at 4.5 GHz, given that the dimensions of both

structures are identical.

6.5 ADG MEMS Phase Shifters Design and Simulations

As mentioned earlier, phase linearity is a critical parameter in the design of phase shifters,

since it improves the accuracy of signal cancellation. Based on the studies conducted in

the previous sections, a Non-Reflective topology is selected for the design of the phase

shifters using the GCPW structures (Prototype 3) for showing a higher phase linearity.
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Figure 6.15: Simulated time delay of GCPW short stub at different line width

Figure 6.16: The electromagnetic simulation setup for a 400 ps transmission line and
short circuited stub.
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Figure 6.17: Simulated time delay of GCPW short stub and transmission line using mi-
crowave simulation tools.

The ADG MEMS switches are designed to handle high power levels as discussed in [65].

Accordingly, the phase shifter circuit layout is designed using four layers of copper to

increase the available area for heat dissipation from the device. The layers are connected

using multiple vias placed every 0.2 mm reducing the thermal resistance from the IC to

the dissipating planes. Rogers 4000 C series material is also selected to have a lower

dielectric constant together with a high thermal conductivity (0.71 W/m/K).

Two phase shifter circuits are designed: a small step; and a large step phase shifter.

Fig. 6.18 shows the structure of the stacked substrates used as well as the dimensions of

the GCPW lines. The circuits are designed based on switched group delay lines, therefore

the switching states can be expressed either in time delays (ns) or in degrees at a certain

frequency point.

6.5.1 ADG MEMS Small Step Phase Shifter

A small step phase shifter is required to increase the accuracy of signal cancellation

which highly depends on phase matching. A minimum phase step of ∆ = 3.24o at 900
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Figure 6.18: The layout of the GCPW 50Ω line used to integrate the ADG MEMS device.

MHz (group delay= 10 ps) is obtained by constructing two GCPW connections (Tr1 and

Tr2) between two ADG MEMS devices, such that the difference in the length of the two

lines is minimum, as shown in Fig. 6.19. The dimensions of the inner signal line and

the gap of the GCPW lines are tapered at the interface of the device in order to improve

the isolation between the two ports. The tapering is performed on the signal line width

to reduce it from 0.38 mm down to 0.3 mm. Also, the gap width is reduced from 0.3 mm

to 0.2 mm, in order to match the exact dimensions of the pins of the ADG MEMS device.

The tapering is done carefully, and the length of the tapered line is optimized to avoid

impedance mismatches.

More phase states are obtained by switching between Tr1 to Tr6, whose lengths are

calculated to obtain continuous phase steps of ∆. This is achieved using six ADG MEMS

devices, which are connected according to the configuration illustrated in Fig.6.20. Tr1 is

the phase reference line with 0o . Tr2, Tr5 and Tr6 are designed to add a phase shift of

∆, 2∆ and 4∆, respectively. The length of Tr3 is equal to twice the length of Tr4 plus “m”,

where m is the length required to compensate for the phase shift through devices no. 5

and 6. The length of Tr4 can take any value, here, it is selected to be 22 mm, so that

there is enough space for the DC wiring of the devices. Six phase states are thus formed

by combining the labeled tracks in Fig. 6.20-a as follows: Tr1, Tr3; Tr2, Tr3; Tr1, Tr4, Tr5;

T2, Tr4, Tr5; Tr1, Tr4, Tr6 ; and Tr2, Tr4, Tr6.
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Figure 6.19: The layout for the two GCPW lines: Tr1; and Tr2, creating the smallest phase
step between two ADG MEMS devices. All dimensions are in mm.

Full wave simulation is carried out on the circuit without the ADG MEMS devices

leaving their land patterns on which discrete port excitation is applied. Fig. 6.21 shows

the insertions and return losses of all the RF tracks, while Fig. 6.22 shows the group

delays showing the 10 ps steps. The ports are placed to connect the signal and ground

pads of each device feeding the RF tracks as indicated in Fig. 6.23. This figure also show

the simulation results for the phase response of the tracks connecting the six devices.

6.5.2 ADG MEMS Large Step Phase Shifter

Another phase shifter is designed with a larger step to increase the range of phase shifts

required for signal cancellation. Fig. 6.24 shows the layout of the board consisting of two

stages. Each uses two ADG MEMS devices to switch between four different tracks whose

lengths are designed to form continuous steps of δ= 5∆, group delay= 50 ps. The phase

shifts introduced by the tracks labeled in Fig. 6.24 are distributed as follows: Tr1= δ ;

Tr2=Tr4= 3δ ; Tr3= 2δ ; Tr5= 9δ ; and Tr6= 12δ , providing 16 different phase states starting
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Figure 6.20: The circuit layout of the ADG MEMS phase shifter with small phase step,
∆ = 3.24o at 900 MHz. All RF tracks are labeled with Trn, whereas other tracks are
carrying DC signals of the digital control inputs.The board dimensions are 90 x 65 mm2 .
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Figure 6.21: The simulated insertion (a) and return losses (b) of the six RF tracks of the
small step phase shifter marked in Fig. 6.20.
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Figure 6.22: The simulated group delay of the six RF tracks of the small step phase
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Discrete port 

excitation

Figure 6.23: The simulated phase response of the six tracks of the small step phase
shifter marked in Fig. 6.20, where x is a constant= 20o at 900 MHz.
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Figure 6.25: The simulated group delay for the large step phase shifter.

from 0o up to 262.5o at 900 MHz. Similarly, simulations are carried by applying excitation

to the footprints of the devices. Fig. 6.25 and Fig. 6.26 show the simulated group delay

and amplitude response for the second phase shifter, respectively. Fig. 6.27 shows the

phase states for the tracks simulated from 500 MHz up to 1 GHz.

6.6 ADG MEMS Phase Shifters Measurements

Fig. 6.28 shows the fabricated printed circuit boards for both the small step and large

step phase shifters. Pin headers and jumpers are used to control the voltage across the

DC inputs.

Fig. 6.29 shows the measured six phase states for the small step from 500 MHz up to

1 GHz: 0o (a1-b2); 3.5o (a2-b2); 7o (a1-c1); 10.5o (a2-c1); 14o (a1-c1); and 17.5o (a2-c2).

Fig. 6.30 shows the measured 16 phase states of the large step phase shifter starting

from 0o up to 262.5o at the same frequency.

Fig. 6.31 and 6.32 show the measured insertion and return loss for all phase states

of the small step and large step phase shifter, which indicates a maximum insertion loss
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Figure 6.26: The simulated amplitude response of the RF tracks of the large step phase
shifter.
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Stage IStage II

Figure 6.27: The simulated phase response of the RF tracks of the large step phase
shifter marked in Fig. 6.24.

Table 6.4: The truth table of the two phase shifter circuits.
S1 S2 S3 S4

R2 11 00 11 00
δ 11 00 00 11
2δ 11 00 01 10
3δ 11 00 10 01
4δ 00 11 11 00
5δ 00 11 00 11
6δ 00 11 01 10
7δ 00 11 10 01

S1 S2 S3 S4
8δ 10 01 11 00
9δ 10 01 00 11
10δ 10 01 01 10
11δ 10 01 10 01
12δ 01 10 11 00
13δ 01 10 00 11
14δ 01 10 01 10
15δ 01 10 10 01

S1 S2 S3 S4 S5 S6
R1 01 00 00 11 - -
∆ 11 10 00 11 - -
2∆ 01 00 01 10 11 00
3∆ 11 10 01 10 11 00
4∆ 01 00 01 10 01 10
5∆ 11 10 01 10 01 10

RF1 00
RF2 01
RF3 10
RF4 11
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Figure 6.28: The fabricated ADG MEMS phase shifter boards. The dimensions of each
board is 65x90 mm2. (a) and (b) shows the front and the back view of the small step phase
shifter, respectively. (c) shows the front view of the large step phase shifter.
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Figure 6.29: The measured six phase states for the first phase shifter circuit (65x90 mm2).

Frequency (GHz)
0.5 0.6 0.7 0.8 0.9 1

M
e
a
s
u
re

d
 A

rg
 S

2
1
 (

d
e
g
)

-550

-500

-450

-400

-350

-300

-250

-200

-150

-100
ref
ref+δ
ref+2δ
ref+3δ
ref+4δ
ref+5δ
ref+6δ
ref+7δ
ref+8δ
data3
data4
data5
data6
data7
data8
ref+δ

Figure 6.30: The measured phase states for the second phase shifter circuit (65x90 mm2),
δ = 5∆.
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Table 6.5: A comparison between the simulation and measured results of the two phase
shifters at 700 MHz, δ = 5∆.

Simulation results Measured results
∆ 3.24 degree 3.5 degree

Max. IL 0.02 dB at 0o, 0.45 dB at 15δ 0.8 dB at 0o, 1.1 dB at 15δ

Max. RL 36 dB at 0o, 20 dB at 15δ 28 dB at 0o, 14 dB at 15δ

of 1.3 dB for the highest phase state.

Table.6.5 shows a comparison between the simulation and measured results. Know-

ing that the device losses (0.2 dB per switch) were not included in the simulation setup

explains the differences in amplitude losses between simulation and measured results.

6.6.1 RMS Phase and Amplitude Deviation

Having equal amplitude response at all phase states is essential, therefore a comparison

is made in Fig. 6.33 showing the changes in both the insertion and VSWR at every phase

state. The amplitude and phase RMS deviation of all the phase states are calculated for

the two phase shifters as shown in Fig. 6.34, which points to a maximum deviation of

±0.9o and ±0.16 dB for the small step phase shifter as well as ±1.56o and ±0.155 dB for

the latter.

6.6.2 Linearity Test

A linearity test is conducted with two single tone signals generated at 940 MHz and 960

MHz. Fig. 6.35 shows the test setup consisting of two RF signal generators, two 20

dB couplers, Wilkinson power combiner and a set of RF attenuators. The outputs of

the two signal generators are injected to each of the two couplers, whose through ports

are terminated by a series of attenuators with more than 20 dB attenuation, in order

to improve the isolation between the two RF sources. Knowing the fact that, the ADG

MEMS switches are passive devices implies having a very high linearity characteristic
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Figure 6.31: The measured insertion for all phase states of the two phase shifter circuits.
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Figure 6.32: The measured return loss for all phase states of the two phase shifter cir-
cuits.
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Figure 6.33: The measured insertion loss and VSWR for all phase states at 900 MHz.
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Figure 6.34: The measured RMS error in amplitude and phase for all the phase states of
each of the first (B1) and second (B2) phase shifters.
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Small-step phase shifter Large-step phase shifter
Phase step at 1 GHz ∆ = 3.5o δ =5∆

No. of phase states 6 16
No. of MEMS devices 6 4

Min/ Max Insertion loss 1.1 dB to 1.5 dB 0.8 dB to 1.5 dB
Min/ Max VSWR 1.02: 1 to 1.2: 1 1.05:1 to 1.31:1

Max RMS phase in 100 MHz ±0.9o ±1.56o

Max RMS amplitude in 100 MHz ±0.16 dB ±0.155 dB

Table 6.6: A summary for the measured results of the two ADG MEMS phase shifter
circuits.

for the phase shifter boards. This results in a high input third order intercept point (IP3),

which can appear at very high input power levels (e.g. above 60 dBm). For this reason,

the measurements are conducted following the method presented in [71], where the third

order intermodulation distortion (IMD3) products are recorded for three different input

power points. The three input power points are selected such that, the highest point is the

maximum peak power that can be generated. In this case, 10 dBm, 15 dBm and 20 dBm

are selected, and a straight line is plotted for the IMD3 versus the input power. Another

straight line is plotted showing the relation between the input and the output power across

the phase shifter, showing the power gain of the circuit (e.g. insertion loss). Extending the

two straight lines identifies the location of the IIP3 point, which is the point of intersection

between the two, as shown in Fig. 6.36. According to these measurements, the IIP3 point

is located above 62 dBm.

6.6.3 Summary and Evaluation of the ADG MEMS Phase Shifters

6.6.3.1 A Performance Comparison with the JSPHS-1000+ Phase Shifter

A summary of the measured results for the two ADG MEMS phase shifters is listed in

Table. 6.6. Table. 6.7. shows a comparison between the measured results of the new

ADG MEMS phase shifter to the Mini-circuits voltage controlled phase shifter selected for

the feedforward interference cancellation system in Chapter III. The results of this com-
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Figure 6.35: IIP3 measurements setup for the ADG MEMS phase shifter using two single
tone signals at 940 MHz and 960 MHz, generated from two sources and combined using
power combiners and couplers.
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Figure 6.36: Measured IIP3 for two different phase states: state 1 (+δ ); and state 14
(+14δ ).
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Table 6.7: A comparison between the performance of the new ADG MEMS phase shifters
and the Mini-circuits voltage controlled phase shifter.

ADG MEMS JSPHS-1000+
Component type Passive Active

RMS amplitude deviation ±0.16 dB ±0.5 dB
Max VSWR 1.35: 1 2.6: 1

Min/ Max insertion loss 0.8 dB to 1.1 dB 1.2 dB to 2.2 dB
Max RF input power 36 dBm 20 dBm

parison show the effect of improving the phase linearity on the RMS amplitude deviation

between the phase states of the phase shifters. ADG MEMS phase shifter have reduced

the amplitude errors between the phase states by more than 66 %. In addition, both

the insertion and return losses are reduced to nearly half of the losses introduced by

the JSPHS-1000+, which can reduce the in-band losses in the feedforward interference

cancellation system by 0.4 to 1.1 dB.

6.6.3.2 A Performance Comparison with OMRON MEMS-based Phase Shifter

Table. 6.8 shows a comparison between the large step ADG MEMS phase shifter pre-

sented in this work, and OMRON MEMS phase shifters. The OMRON phase shifter is

designed based on switching LC loads via a packaged surface mount SPDT MEMS de-

vice (OMRON) [73]. The number of phase states offered by the ADG is much bigger than

OMRON, due to the fact it has four switching RF ports. Despite having a larger number

of switching ports, ADG MEMS phase shifters occupy much smaller board dimensions,

which is less than half the size of OMRON phase shifters. Most importantly, the ADG

MEMS phase shifter has dramatically reduced the phase and amplitude errors between

the phase states.
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Table 6.8: Table of comparison between the two MEMS switch-based phase shifters:
OMRON and the ADG MEMS with large phase step.

OMRON[73] ADG MEMS
Switching between LC loads Delay lines

No. of switches 4 2
No. of phase states 7 16

Board size (λ 2) 4.38x6.0 2x2.76

Insertion loss (dB)
0.6 at 0o 0.8 at 0o

1.3 at 123.75o 1.3 at 262.5o

Return loss (dB) > 10 > 13
RMS phase error ±5o ±1.56o

RMS amp. error ±1 dB ±0.15 dB
IP3 level > 65 dBm > 63 dBm

6.7 Conclusion

This chapter introduces a new design for passive RF controlled phase shifters offering

many advantages, which promote their use as an alternative to the active voltage con-

trolled phase shifter component used earlier in the setup of the feedforward interference

cancellation system in Chapter III (JSPHS-1000+). The phase shifters here are designed

using a new RF ADG MEMS switching device. The integration of the devices on a printed

circuit board is carefully studied and design guidance is provided in this chapter. The

design is performed to reduce the phase errors due to non linearities in the frequency

response of the phase states.

6.7.1 Summary

• A study is carried out on the flatness of the group delay of three microwave struc-

tures that can be used to construct the RF interface of ADG MEMS. The three

structures are CPW with MSL transition, CPW with no transition and GCPW. GCPW

proved to introduce a minimum phase deviation of ±4 ps for 600 ns transmission

line delay (0.67%), when compared to CPW lines whose results show±63 ps (10%)
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with MSL transition and ±7 ps (1.16 %) with no MSL transition for the same group

delay.

• A comparison is made between two different topologies: Reflective; and Non-

Reflective, for constructing the phase shifter with linear phase characteristics. The

comparison is based on a mathematical analysis performed on the phase sensitiv-

ity of two topologies, which recommends the use of the latter for being more robust

to impedance mismatches. Furthermore, the analysis is verified via full wave sim-

ulations of two 400 ps GCPW lines with loaded and short circuit terminations. The

simulation results show larger time delay deviations for the shorted line with more

than ±29.5 ps for 8.5% impedance mismatch, against only ±3.0 ps for the loaded

line.

• A microwave structure is selected for constructing the RF interface of the device

as well as the tracks required to build the phase states. The selection is done

based on the results shown in the above comparison, which promotes the use of

grounded coplanar waveguide structures. Another selection is performed for the

Non-Reflective prototype, since it is characterized by higher phase linearity.

• The design methodology of a small-step and a large-step phase shifter are pre-

sented.

• The ADG MEMS phase shifter circuits are designed, fabricated and measured.

6.7.2 Limitations

Phase shifters based on switched true delay lines offer more flatness and stability in the

group delay response. On the other hand, the true delay lines will always need a large

board size, and any attempt to replace these true transmission lines can alter the flatness

of the group delay, which is a critical parameter for phase shifters used in wide-band
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signal cancellation.

6.7.3 Contributions

In this chapter, a new RF MEMS switched phase shifter is designed and implemented

with high phase linearity. Measurements of the phase shifter have shown reduced am-

plitude and phase deviation between the phase states over a 100 MHz bandwidth, when

compared to the phase shifter module used in constructing the signal cancellation test

bench in the previous chapters. These reduced deviations in amplitude and phase can

assist in improving the phase matching between the two signal paths in the feedforward

interference cancellation system over a wide band, thus improving the overall cancellation

performance.
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Chapter 7

Conclusion

This thesis presents a new promising solution for RF inter-channel interference created

by spectrum congestion of multiple operators. An exemplar of spectrum congestion ap-

pears in the 700 MHz spectrum (Upper-700 MHz band) between public safety operators

and commercial LTE mobile operators. This specific spectrum is selected as a use case

for this thesis, and the solution developed is designed and tested for handling the in-

terference risks in this band. However, the idea and the methodology presented in this

thesis can still be used to develop similar solutions for inter-channel interference in other

frequency bands.

The commercial mobile LTE operating in the 700 MHz spectrum are allocated 9 MHz

for each of the upper and downlink, while the broadband public safety operators employ 5-

9 MHz signals, which are also following the LTE standards. Broadband public safety also

interoperate with the traditional digital land mobile radios, which are sharing the same

frequency spectrum. The allocated guard band between these three different operators

are less than 2 MHz, and the difference in the power levels between each two neighboring

channels are relatively large. As a result, several interference issues have been created.

The thesis begins with studying the minimum requirements set for handling out of

band interference signals in different LTE base station transceivers, as defined in the
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3GPP specifications. The study is extended to the microwave front-end duplexers em-

ployed in large-cell and small-cell base stations, which have shown some limitations in

meeting the LTE standard requirements. In fact, some researchers have managed to

improve the out of band rejection of the duplexers employed in large-cell base stations,

which are based on air-cavity resonators, however none has succeeded in enhancing

ceramic based duplexers used in small-cell base stations. Thus, small-cell base station

transceivers are more prone to interference risks in the specified spectrum, and looking

into solutions for improving interference rejection of these transceivers has become the

main interest of this work.

After reviewing existing interference management techniques for interference signals

generated by different sources including unwanted emissions in the transmitter, or by

the leaking of transmitter power into the receiver chain, or by neighboring channels, it is

found that there are power limitations for techniques involving feedforward interference

cancellation with baseband filtering, as well as instability issues for those using feedback

cancellation loops instead. In addition, they have shown a dramatic increase in the noise

figure and non-linearities of the system. On the other hand, the feedforward cancellation

applied on the unwanted emissions in the transmitter, which does not involve baseband

filtering, have inspired the authors to apply a similar approach on out of band interferers

using RF hardware only. In this case, all the power limitations and noise issues are elim-

inated, while leaving the challenge of developing a sharp rejection filter and wide-band

signal matching. A second review is conducted on microwave filters, which failed in pro-

viding sharp rejection while meeting the size constraints in small-cell base stations. This

has become the first obstruction in developing an RF interference cancellation system.

This thesis has introduced new design methodologies for successfully obtaining low

profile planar band-stop resonators (one port band-stop filter) with sharp rejection char-

acteristics (high roll-off rate). Providing a sharp rejection characteristic, this resonator

has made it possible to implement an RF system that can handle interference risks in
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congested frequency spectrums without the need of any digital hardware, which is a big

achievement in this thesis. Eliminating the digital hardware has the advantage of over-

coming the distortion due to noise and non-linearities. In general, this thesis presents the

design procedures, implementation, and testing of the interference cancellation system

using the new band-stop resonators.

7.1 Thesis Summary

7.1.1 Chapter III

In this chapter, the architecture of the proposed RF interference cancellation system,

consisting of two main stages: filtering; and signal matching, is presented together with

the performance requirements, which are imposed on each of the RF components em-

ployed. The chapter has also discussed the practical implementation of the system by

first selecting some of the off-the-shelf RF hardware components, then proposing new

design solutions for handling very close interferers, so that the system becomes capable

of handling some of the challenging interference scenarios in the 700 MHz band. Know-

ing that, in this specific band, interferers can appear at only a few MHz away from the

receiver edge (e.g. < 20 MHz) adds the first key challenge to the design of the band-stop

resonator used in the filtering stage. The system architecture has adopted the use of

band-stop resonators rather than filters, because it occupies half the space needed for a

two port filter.

More challenges appear in the second stage where perfect signal matching is indis-

pensable for interferers with dynamic bandwidths and power levels. Hence, this chapter

has presented a study of the effect of phase and amplitude errors on signal cancellation.

The study has shown that a minimum of 29 dB signal cancellation can be obtained, when

the tolerance level for the amplitude error is below ±0.75 dB, given a zero phase error, or

when the tolerance level for the phase is less than 2o, given a zero amplitude error. As
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presented in the literature review, the minimum efficiency requirements for recovering an

LTE received signal necessitate introducing a minimum of 29 dB additional attenuation to

the stop-band of the front end duplexers at the presence of large interference signals (>

-20 dBm).

High performance off-the-shelf components are selected in this chapter to setup a

big part of the new feedforward interference cancellation system. These components

have included a low noise power amplifier, an active voltage controlled phase shifter and

a bi-directional coupler. All these components are characterized and measured in this

chapter. Measurements of the phase shifter have indicated poor linear phase response,

and Chapter IV has presented an alternative passive design for RF MEMS-based phase

shifters with improved phase linearity.

7.1.2 Chapter IV

This chapter has presented the first design methodology in this thesis for low profile band-

stop resonators with sharp rejection. The design presented can be similar to transversal

or moving average filters used for analog and digital frequencies. The idea of these

resonators is based on dividing the RF signal among multiple taps with different group

delays, which are later recombined forming maxima and nulls. This method is adopted to

provide high roll-off rate between the pass and stop band. An analysis is conducted on

the circuit structure of the resonator showing the effect of each of the circuit parameters

on the overall frequency response by applying circuit simulations. The analysis is verified

mathematically after deriving the transfer function of the resonator. A new methodology

is developed for optimizing the power split ratio between the taps of the resonator for

improving the stop-band rejection. The results of the analysis together with the new

optimization method are applied and used to construct a four tap band-stop resonator.

The circuit is implemented using microstrip technology on a high permittivity substrate.

Measurements of the four tap resonator have achieved a minimum roll-off rate of 1.3
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dB per MHz, a 3 dB bandwidth of 11 MHz and more than 25 dB rejection over 40 MHz

bandwidth. These results have made this component suitable for separating two 10 MHz

signals that are 20, 15 and even 10 MHz apart, and this separation can exceed 26 dB,

19.5 dB, and 13 dB, respectively.

Furthermore, this chapter has demonstrated a test bench for the new interference

cancellation system using the components selected in Chapter III together with the new

four-tap band-stop resonator designed in this chapter. Two 10 MHz LTE modulated input

signals are generated in the test setup to represent the wanted received signal (-50 dBm)

and the interferer (-20 dBm). Three test cases are identified and measured. In the first

test case, the power spectrum measurements of the output signals have shown 45 dB

cancellation at the center frequency of the interferer, given that it is located at 20 MHz

away from the receiver band. In addition, 25 dB cancellation are achieved over the whole

band of the interferer, which indicate an increase in the SIR by 29.5 dB. In the second and

third test cases, the separation between the two signals is reduced to 15 and 10 MHz,

respectively. The test results have shown a rejection of 45 dB and 20 dB, with an increase

in the SIR by 26.5 and 13 dB, for the 15 and 10 MHz frequency separation, respectively.

7.1.3 Chapter V

This chapter has presented another design methodology for band-stop resonators in-

spired by the method used in the previous chapter. It is based on a new observation on

the behavior of artificial left-handed transmission lines. The new observation is explained,

verified mathematically and by applying circuit simulations. The new method is used in

this chapter to construct new band-stop resonators with the same rejection performance

as that described in Chapter IV, after reducing the circuit size by more than 66%.

In this chapter, two band-stop resonators are designed, fabricated and measured

using two-cell and three-cell lumped capacitors and short circuited stubs. The resonators

are realized using composite right-left hand transmission lines, thus referred to as CRLH
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band-stop resonators. They are fabricated in a low profile planar circuit board printed

on a standard FR4 material, which is more economical in cost when compared to the

Rogers material used in Chapter IV. Measurements of the two-cell resonator have shown

three transmission zeros with more than 24.8 dB rejection and 1.14 dB per MHz roll-off

rate. Measurements of the three-cell resonator have shown 30 dB rejection with more

than 1.41 dB per MHz roll-off rate.

The feedforward cancellation system is again tested using the same setup as in Chap-

ter IV, except for using the new CRLH band-stop resonators. Four test cases are defined

with the interferer located at different locations away from the receiver band, and at differ-

ent power levels. Successful cancellation is obtained for 10 MHz modulated interference

signals located at 20, 15 and 10 MHz away from the 10 MHz receiver with a value of

34, 45, and 35 dB, respectively. The test results have also shown the same cancellation

performance after increasing the power level of the interference signal by 30 dB. Finally,

the SIR levels have shown an increase of more than 20 dB in the test results of each of

the four test cases.

7.1.4 Chapter VI

Chapter VI introduced the design and implementation of new RF MEMS switch-based

phase shifters, which are designed using a new RF MEMS device. The phase shifter

circuits are designed with high phase linearity promoting their use as an alternative to

the active voltage controlled phase shifter component (JSPHS-1000+), which was first

selected in Chapter III and used in the setup of the interference cancellation test bench

in Chapter IV and V.

The new MEMS device is characterized in this chapter, then the device integration

on a printed circuit board is carefully studied and the phase shifter design guidance are

provided. The study has involved evaluating the phase linearity of several microwave

structures, which is performed by applying full wave EM simulations on every prototype.
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A similar evaluation is performed on the phase linearity of two different circuit topologies

using reflective and non-reflective delay lines.

The use of grounded coplanar waveguide structures and non-reflective circuit topol-

ogy are selected, since both has proved to have reduced phase errors due to non linear-

ities in the frequency response of the selected phase states. Two new RF MEMS-based

phase shifter circuits are realized, fabricated and measured with small and large phase

steps. Measurements of the new RF MEMS-based phase shifters are compared to the

JSPHS-1000+ component. The comparison has shown that the RMS amplitude devia-

tion has been successfully reduced by more than 66%. In addition, both the insertion and

return losses are reduced to nearly half of the losses introduced by the JSPHS-1000+.

This can directly reduce the in-band losses in the feedforward interference cancellation

system by 0.4 to 1.1 dB.

7.2 Future Work

This thesis has achieved successful cancellation for high power wideband modulated in-

terference signals appearing at small frequency offsets from the receiver. The cancella-

tion performance is tested with a minimum separation of 10 MHz between the interference

signal and the receiver. According to the study presented in Chapter III, in regard to the

interference scenarios in the 700 MHz spectrum between public safety land mobile radios

and commercial mobile LTE receivers, the separation between the two signals can reach

down to 2 MHz. Moreover, the power level of the interferer can be 40 dB above the level

of the received signal, which can be considered as the worst case interference scenario

in this band. As a result, the first target of our future work is to modify the design of the

band-stop resonators, so that it can handle less than 10 MHz separation between the

pass and the stop bands.

Our future work will also focus on how to miniaturize the hardware components used
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in the interference cancellation system. An example, Wilkinson power dividers occupies a

large space in the circuit layout of the new resonators, as it is realized using quarter wave

transmission lines. These lines are used for matching the impedance at the input of the

divider to the output ports, which are all following the standard 50 Ω impedance system.

For future work, an investigation needs to be carried out on the possibility of eliminating

the Wilkinson power dividers from the layout of CRLH-based band-stop resonator. This

investigation will be based on adjusting the characteristic impedance of the artificial left-

handed transmission lines to 100 Ω. In this case, a T-power divider can be used as an

alternative for Wilkinson, and this can lead to a further reduction in the size of the board

by more than 50%.
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Nomenclature

ACLR Adjacent Channel Leakage Ratio

ACS Adjacent Channel Selectivity

ADG Analog Devices Co.

ADS Agilent Design Systems

BS Base Station

CPW Coplanar Waveguides

CRLH TL Composite Right-Left Handed Transmission Lines

DL Down Link

FCC Federal Communications Commission

FDD Frequency Division Duplex

GCPW Grounded Coplanar Waveguides

HSPA High Speed Data Packet

IMD Intermodulation Distortion

LDCC Lumped Distributed Capacitively Coupled Filters
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LHTL Left Handed Transmission Lines

LMR Land Mobile Radios

LNA Low Noise Amplifier

LTE Long Term Evolution

MEMS Micro-Electro-Mechanical Switches

MSL Microstrip Line

OOB Out of Band Emissions

PCB Printed Circuit Board

PS Public Safety

SIR Signal To Interference Ratio

TETRA Trans-European Trunked Radio

UE User Equipment

UL Upper Link

VNA Vector Network Analyzer
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